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A New Active Clamp Zero-Voltage-Transition Cell 
for Non-Isolated DC-DC Converter with Low Current 

Stress
Jie ZHANG, Yong LI, Jianghu WAN, Bing ZHAO, Yuhang ZHANG, and Fang LIU

Abstract—In this paper, a novel low voltage and current stress 
zero voltage transition (ZVT) cell is proposed for a family of 
non-isolated DC-DC converters. By adding a current transfer cir-
cuit composed of an auxiliary switch, a diode, two capacitors, and 
two inductors to the traditional DC-DC converters, the proposed 
converters achieve zero voltage switching (ZVS) condition for ac-
tive switches, and alleviates the reverse recovery problem for two 
diodes. Moreover, with the proper design of the auxiliary circuit, 
the voltage spikes during the switching process are significantly 
reduced. And the proposed ZVT cell only introduces low voltage 
stress but avoiding any additional current stress on the power 
semiconductor device. The operating principle and performance 
analysis of the proposed Boost converter are given in detail. The 
experiment from a 2-kW laboratory prototype at 100 kHz switch-
ing frequency has been carried out to validate the theoretical 
principles. The experimental results show that the proposed Boost 
converter has the advantage of simple structure and the peak effi-
ciency is found to be 98.76%. 

Index Terms—Boost converter, active clamped, soft-switching, 
zero voltage switching (ZVS).

I. Introduction

RECENTLY the rapidly diminishing nonrenewable energy 
sources and the growing environmental concerns, devel-

oping renewable energy is key to addressing these problems. 
Power converters play a crucial role in integrating renewable 
energy generation integration into microgrid. The step-up con-
verters are widely utilized in order to manage power between 
sources and loads of systems with energy storage elements 
[1]-[2]. In many applications, such as photovoltaic (PV) pow-
er generation system and fuel cell power system, automotive 

Manuscript received July 24, 2024; revised September 14, 2024; accepted 
June 01, 2025. Date of publication September 30, 2025; date of current version 
June 20, 2025. This work was supported in part by National Nature Science 
Foundation of China under the grant U22B200134 and the 111 Project of 
China under the grant B17016. (Corresponding author: Yong Li.)

J. Zhang, Y. Li, B. Zhao, and Y. Zhang are with the College of Electrical 
and Information Engineering, Hunan University, Changsha 410082, China 
(e-mail: yongli@hnu.edu.cn; zj0711@hnu.edu.cn; bingzhao@hnu.edu.cn; 
yuhangzhang@hnu.edu.cn).

J. Wan and F. Liu are with the School of Automation, Central South 
University, Changsha 410083, China (e-mail: wanjianghu@csu.edu.cn; 
csuliufang@csu.edu.cn). 

Digital Object Identifier 10.24295/CPSSTPEA.2025.00022

electronics and power factor correction (PFC), non-isolated 
pulse-width modulation DC-DC converters (NPDCs) are 
popular due to their simple structure and small volume. In the 
numerous no-isolated topologies, the traditional Boost struc-
ture which is the simplest topology makes it popular in widely 
range applications of power electronics systems [3]-[4]. How-
ever, the reverse recovery of the rectifier diodes and elevated 
switch loss are significant issues, especially at high switching 
frequency [5]-[7]. In response to these challenges, the concept 
of soft switching technology was presented [8]-[9]. Some re-
searchers have proposed using control algorithms to make the 
inductor current a triangular wave with periodic zero crossings 
to achieve zero voltage switching (ZVS) in converters. How-
ever, the control of discontinuous conduction mode (DCM) is 
relatively complex and all power components are subjected to 
high peak currents. Hence, some soft switching technologies 
achieving by adding passive or active auxiliary circuits to the 
traditional NPDCs is proposed. These converters are com-
prised of zero voltage transition (ZVT) converters [10]-[22], 
zero current transition (ZCT) converters [23]-[26]. Several key 
features are crucial to ensuring the proper performance of these 
soft switching converters. First, achieving a soft switching con-
dition for active switches is essential when operating at high 
frequencies to eliminate switching loss and electromagnetic 
interface (EMI). Second, zero current switching (ZCS) turn 
OFF for these diodes is essential to remove the reverse recov-
ery problem. Third, the auxiliary circuit or additional elements 
used to provide a soft switching condition in power flow direc-
tions should not adversely impact component count or weight 
of the Boost converter. Finally, minimizing voltage stress and 
current stress on the switch and diode is crucial in achieving 
high efficiency and reliability of the converter. 

For high-speed switching applications in power conversion 
systems, the MOSFET is widely utilized due to its inherent 
characteristics. Notably, the MOSFET’s relatively low turn-
OFF loss makes ZVT is preferred over ZCT, as it eliminates the 
capacitive turn-ON loss. Moreover, ZCT cells incorporate pas-
sive components such as inductors and capacitors into a circuit 
to form a resonant circuit, which is prone to generating higher 
voltage and current stresses. And ZCT cells require more pre-
cise control when implementing zero current switching, which 
pose challenges to the reliability and stability. Therefore, this 
paper mainly focuses on the ZVT cells. In the ZVT converters, 
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the auxiliary circuit consists of active switches and passive 
elements. The converter proposed in [10] achieves complete 
ZVS turn ON of the main switch and ZCS turn OFF of the 
main diode. However, a major drawback is that soft switching 
is realized with resonant technique, which requires additional 
resonant component. Besides, the auxiliary circuit will suffer 
high conduction losses and the auxiliary switch still suffers 
switching loss even it is turned ON under ZCS condition, 
which reduces the overall converter efficiency. To solve this 
problem, some researchers proposed increasing the resonant 
capacitance as a clamping capacitor to reduce the voltage stress 
and provide better control flexibility of the ZVS converter. The 
topology in [11] shows the traditional Boost converter with a 
compound active clamping circuit connected in series with the 
Boost switch, which provides fully soft switching operation for 
both main and auxiliary switches. The problem is the auxiliary 
circuit causes the main switch to operate with a higher peak 
current stress, which results in the need for a higher current-rat-
ed device for the main switch, and an increase in conduction 
losses. The converter presented in [12] can provide soft switch-
ing operation by adding a single auxiliary switch in the step-
up operating mode. However, the voltage and current stress of 
the main switches are higher than the basic bidirectional DC-
DC converter. Due to the high voltage and current stress of 
active clamp converters, its application in high-power situation 
is limited. The novel approaches have emerged to address 
these constraints. In [16], the traditional active clamped soft 
switching topology with a current transfer circuit composed of 
a diode and an auxiliary inductor is proposed to decrease the 
current stress, clamping voltage and duty loss. It contributes to 
high efficiency and reliability of the converter. But the main di-
ode suffers a higher peak voltage stress. In addition, increasing 
capacitors of parallel switches can reduce the turn-OFF loss, 
but it increases the circulation energy during the resonant pro-
cess. Several ZVT cells introduced in [20]-[21], provide fully 
soft switching operation for all of the semiconductor devices of 
the proposed ZVT Boost converter. However, the peak voltage 
of the auxiliary diode is twice of the output voltage due to the 
ringing cause by the resonance between the auxiliary inductor 
and the junction capacitor of the auxiliary diodes, which results 
in higher cost and conduction losses, and makes the converter 
unrealizable in high output voltage application. 

From the brief overview mentioned above, it can be seen 
that the previously presented ZVT cells have at least one of the 
following drawbacks.

1) Extra voltage and current stresses on either the main 
switch or the auxiliary switch aggravated as well as the losses 
the auxiliary component.

2) An auxiliary switch operating at ZCS turn ON condition, 
which will lead to the nonnegligible switching loss.

3) Auxiliary circuit has a high component count.
4) Online calculation is required to achieve ZVS turn ON.
According to the reliability design considerations, some 

other design considerations such as the number of components, 
voltage and current stresses, and soft switching conditions 
must be considered to select the proper ZVT cell. The aim of 
this paper is to present a single switch auxiliary circuit, which 
can be applied to all of the basic NPDCs, including Buck/
Boost, Buck-Boost, SEPIC, and Cuk to provide fully soft 
switching operation while the continuous current at input volt-
age is maintained. The proposed Boost converter with current 
transfer circuit effectively addresses the previously mentioned 
issues: It provides the soft switching condition for all the semi-
conductor devices, maintains an acceptable component count 
in the proposed ZVT cell, allows control of the main switch 
and auxiliary switch using a pair of completely pulse width 
modulation signals with appropriate deadtime, and only intro-
duces low voltage stress without increasing current stress on 
semiconductor devices. By reducing the voltage and current 
stress on the main switch, the proposed ZVT cell contributes 
to extending the life of the power switch, which is significant 
advantage in reliability-critical applications. Furthermore, the 
heat is distributed among the main components and the auxilia-
ry components, which relieves the thermal stress of the switch-
ing devices. The operation of the proposed Boost converter is 
discussed in detail at section II and general guidelines for the 
design is given at section III. The feasibility of the proposed 
converter is confirmed by experimental results. 

II. Circuit Theoretical Operation of Proposed 
Converter

The proposed Boost converter is illustrated in Fig. 1 and is 
comprised of a main switch S1 and an auxiliary switch S2, aux-
iliary capacitors C1 and C2, filter inductor L and two auxiliary 
inductors Lr1 and Lr2. CS1 and CS2 represent the parasitic capaci-
tors of the main switch S1 and auxiliary switch S2, respectively. 
Before the main switch is turned ON, the auxiliary switch 
is ON-state to ensure the auxiliary capacitor voltage causes 
current through the auxiliary inductor to reverse. The reverse 
current is transferred by the auxiliary diode. It will not increase 
the current stress on the main diode. When the auxiliary switch 
S2 is turned off, the parasitic capacitor CS1 resonates with the 
auxiliary inductor Lr1 and Lr2 until the body diode of the main 
switch turns ON, which contributes to achieving ZVS turn 
ON condition of the main switch. While the auxiliary inductor 
ensures ZCS operation of the main and auxiliary diode by lim-
iting di/dt at the transition the parasitic capacitor reduces turn-

Fig. 1. Boost converter with the Proposed ZVT cell.
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OFF losses of the switches.
For the sake of simplicity of the operation analysis of the 

converter, the following assumption are made: the input induc-
tor L, the auxiliary capacitors C1 and C2 are large enough to 
maintain the constant input current and voltage in a switching 
period. Furthermore, the converter is assumed to be operating 
under steady-state condition and all semiconductor elements 
are considered ideal. There are 8 operating modes in one 
switching cycle, the key waveforms and the equivalent circuits 
for each mode are shown in Figs. 2 and 3, respectively. The 
explanation for each operating mode is given as follows:

Mode 0 (t0-t1) [see Fig. 3(a)]: In this mode, the main switch 
S1 is conducting the input current, and other semiconductor de-
vices are in the OFF-state. Thus, the input inductor L is being 
linearly charged by Vin. The converter is operating as normal 
ON-state of the traditional Boost converter. This mode ends 
when the main switch S1 is turned off at time t = t1.The current 
through input inductor can be expressed as 

iL(t) = iL(t0) + Vint / L                                   (1)

iL(t0) = Iin - (DVin / 2Lfs)                                 (2)

Mode 1 (t1-t2) [see Fig. 3(b)]: At t1, the main switch S1 is 
turned OFF, two diodes D1 and D2 are turned ON under ZVS 
condition. Then, the parasitic capacitors CS1, C1, and C2 are 
charged, while the parasitic capacitors CS2 is discharged by 
the input current Iin. Because the parasitic capacitors CS1 and 
CS2 have charging process, turn-off losses are minimal in this 
converter. If additional auxiliary capacitors are used, CS1 and 
CS2 will minimize the slope of the capacitor voltage to further 

reduce the turn-OFF losses. This mode ends when CS2 voltage 
drops to zero. The current through two diodes and the time du-
ration of this mode can be obtained by

iD1(t) = iD2(t) = 0.5Iin                                  (3)

t2 - t1 = VCCS2 / Iin                                     (4)

where VC is the voltage of the auxiliary capacitor C1 and C2. 
Mode 2 (t2-t3) [see Fig. 3(c)]: This mode begins when the 

body diode of the auxiliary switch S2 begins to conduct and 
the main switch S1 voltage is clamped at Vo+VC. Then, the Lr1 
and C1, Lr2 and C2 start to resonate. And the auxiliary inductor 
Lr1 and Lr2 voltage is equal to the clamp capacitor voltage (VC). 
Therefore, the current through Lr1 and Lr2 increases, which 
leads the current through S2 (iDS2) to decrease according to Kir-
choff’s laws. Power is being transferred from Vin to Vo. In this 
mode, the current through two diodes is still 0.5Iin. The voltage 
C1, C2 (VC), and S1 (VDS1), the current through Lr1, Lr2 (iLr1), and 
S2 (iDS2) can be expressed, respectively, as follows:

J. ZHANG et al.: A NEW ACTIVE CLAMP ZERO-VOLTAGE-TRANSITION CELL FOR NON-ISOLATED DC-DC CONVERTER WITH LOW CURRENT STRESS

Fig. 2. Theoretical waveforms of the proposed converter. 

Fig. 3. Equivalent circuits of the operating modes (a) Mode 0. (b) Mode 1. (c) 
Mode 2. (d) Mode 3. (e) Mode 4. (f) Mode 5. (g) Mode 6. (h) Mode 7.
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iLr1(t) = iLr2(t) = VC(t - t2) / Lr1                      (5)

iDS2(t) = Iin - iLr1(t) - iLr2(t)                         (6)

VC(t) = Lr1iLr1(t) / (t - t2)                           (7)

VDS1(t) = Vo + VC(t)                               (8)

Mode 3 (t3-t4) [see Fig. 3(d)]: At t3, S2 is turned ON under 
ZVS due to the conduction of body diode DS2. The current 
through DS2 continues to decrease as (6). This mode ends when 
the current through DS2 drops to zero. This time duration can 
be obtained by

t4 - t3 = (0.5Iin - iLr1(t3))Lr1 / VC                                     (9)

Mode 4 (t4-t5) [see Fig. 3(e)]: In this mode, the current 
through auxiliary inductor Lr1 and Lr2 increase with the same 
slope as (5). In order to have sufficient energy to completely 
discharge the parasitic capacitors CS1 and achieve ZVS condi-
tion for S1, the current through S2 increases in the reverse direc-
tion. This reverse current loop consists of the auxiliary switch 
S2, the auxiliary inductor Lr1 (Lr2) and the auxiliary capacitor 
C1 (C2). The current through two diodes is still 0.5Iin. And the 
power is transferred from the input source to the output load 
continues in a similar manner as in the previous mode. This 
mode ends when the S2 is turned OFF. The current iLr1(t), iLr2(t) 
and iDS2(t) can be expressed as

iLr1(t4) + iLr2(t4) = Iin                              (10)

iLr1(t5) + iLr2(t5) = Iin                              (11)

iDS2(t) = iLr1(t) + iLr2(t) - Iin                         (12)

Mode 5 (t5-t6) [see Fig. 3(f)]: At the beginning of this mode, 
S2 is turned OFF and turn-OFF losses are minimal in this 
converter. The parasitic capacitors CS1 is discharged through 
a resonance with the auxiliary inductor Lr1 and Lr2, CS2 is 
charged until the auxiliary switch S2 voltage is clamped at Vo 

+ VC. When the parasitic capacitor CS1 voltage becomes zero, 
this mode ends. The current through Lr1 and Lr2 experience an 
increase, the duration of this time interval is relatively short, so 
the increase in current can be disregarded. From (5), the peak 
current through Lr1 and two diodes can be obtained at time t = t6 by

iLr1(t6) = VC(t6 - t2) / Lr1                           (13)

iD1(t6) = iD2(t6) / Iin                               (14)

Mode 6 (t6 - t7) [see Fig. 3(g)]: At t6, the body diode of S1 (DS1) 
begins to conduct. Thus, S1 can be turned ON under ZVS con-
dition. Then, the current through Lr1 and Lr2 linearly decreases 
in the reverse direction, which leads the current through DS1, 
D1, and D2 to decrease. In this mode, the current through Lr1 

and Lr2 behaves as follows:

iLr1(t) = iLr2(t) = - Vo(t - t6) / Lr1                      (15)

iDS1(t) = Iin - iLr1(t) - iLr2(t)                           (16)

The time duration of the current through S1 reaches to zero 
can be calculated by 

t - t6 = (iLr1(t6) - 0.5Iin)Lr1 / Vo                        (17)

In this time duration, S1 can be turned-ON under ZVS.
Mode 7 (t7-t8) [see Fig. 3(h)]: At t7, the main switch S1 is 

turned on under ZVS condition. The current through Lr1 and Lr2 
decrease with the same slope as (15), which causes the current 
through S1 to increase and the current through D1 and D2 to 
decrease. When the S1 current reaches Iin, D1 and D2 are turned 
OFF under ZCS and this mode ends. The current through D1 
and D2 are obtained as follows:

iD1(t) = iLr1(t)                                (18)

The time duration of this mode can be calculated approxi-
mately as

t8 - t7 = iLr1(t7)Lr1 / Vo                                           (19)

After this mode, a next switching cycle begins and the main 
switch S1 conducts current like the normal ON-state of the  
traditional Boost converter.

From the above analysis of the Boost converter with the 
proposed ZVT cell, all switches can be turned on under ZVS 
condition and all diodes are turned off under ZCS condition 
which alleviate the reverse recovery problem. The auxiliary 
diode and the main diode operate in the same state, they can ef-
fectively distribute and share the current stress, thereby leading 
to a decrease in heat generation and temperature rise of each 
device. According to (8) and (14), the maximum voltage stress 
and current stress of switches is Vo+VC and input current Iin, 
respectively.

III. Design Considerations

A. Auxiliary Circuit Design

The proposed ZVT cell is designed to achieve soft switching 
operation of the main and auxiliary switch, which also results 
in soft switching operation of all diodes. According to the op-
erating mode of the proposed Boost converter, these two diode 
branches are in same operational states. If there is a disparity 
in the values of Lr1 and Lr2, it results in unequal partitioning of 
energy storage among the two inductors, potentially causing 
uneven current distribution across the two diode branches. 
Similarly, if C1 and C2 are not equal, there will be an imbalance 
in the energy storage and release dynamics of the resonant net-
work. Although this situation will not affect the soft switching 
conditions of the switch, only the voltage and current stress of 
the power device. Considering the stability and reliability of 
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the device, the auxiliary inductors Lr1 and Lr2 are designed to 
be of equal values, while the auxiliary capacitors C1 and C2 are 
also matched. The equivalent circuits of the proposed ZVT cell 
according these conditions is shown in Fig. 4. Due to simple 
structure of the auxiliary circuit, only auxiliary inductors Lr1 
and auxiliary capacitor C1 need to be designed. 

B. Soft Switching Condition

In the operating modes, before the main switch S1 is turned 
on, the current through Lr1 and Lr2 discharge the parasitic ca-
pacitor CS1 until the body diode conducts. Hence, the main 
switch can be turned ON under ZVS condition. To guarantee 
soft switching condition for the main switch, the auxiliary in-
ductance energy has to be greater than the parasitic capacitor 
energy. The soft switching condition is as follows:

Lr1i
2
Lr1(t6) + Lr2i

2
Lr2(t6) ＞ CS1(Vo + VC)2            (20)

where VC is the C1 and C2 voltage in each operating mode. 
When the main switch S1 voltage drops to zero, S1 achieves 
ZVS turned-ON condition. Before the current through S1 de-
creases to zero, the main switch S1 is in a ZVS state. Based on 
the Kirchoff’s law, when the current through S1 drops to zero 
means the current through auxiliary inductor drops to 0.5Iin. At 
t5, the auxiliary switch S2 is turned OFF, and the time interval 
of S1 ZVS turned-ON condition can be followed by

t - t5 = (iLr1(t5) - 0.5Iin) Lr1 / VC                     (21)

After the main switch S1 is turned OFF, the body diode of 
the auxiliary switch S2 is conducting. The time interval when 
the current through DS2 drops to zero can be calculated as

t4 - t2 = Lr1Iin / VC                               (22)

In this time interval, the auxiliary switch S2 can be turned 
ON under ZVS condition. While the main switch and the aux-
iliary switch are turned OFF under nearly ZVS due to their 
parasitic capacitor. Furthermore, due to the addition of two 
auxiliary inductors, all diodes are turned OFF under ZCS with 
no limitation which alleviate the reverse recovery problem, 
which effectively suppressed the switching losses in the pro-
posed converter.

C. Auxiliary Capacitor Design

Based on the Ampere-second balance of the auxiliary capac-
itor C1 and C2, the positive and negative areas under the current 

waveform is exactly equal. Also, the current through C1 and C2 
slope in the charging and discharging states is the same. Hence, 
the negative and positive peak current through the auxiliary 
capacitor is equal. As a result, the C1 and C2 voltage is obtained 
as follows:

VC = Lr1Iin / (1 - D)Tsw                            (23)

where Iin = Pin / Vin, Tsw and Pin are the switching period and the 
input power, respectively. During the operation of the convert-
er, the voltage fluctuation on the auxiliary capacitor C1 which is 
caused by the periodic charging and discharging of S2 current 
(iDS2) should be minimized. The voltage fluctuation can be rep-
resented as follows:  

∆VC = (1 - D)TswIin / 4C1                          (24)

Assuming that ∆VC ≤ αVC, then the lower limit of C1 can be 
calculated as

C1 ≥ (1 - D)2T sw
2  / 4αLr1                        (25)

Thus, the auxiliary capacitor C1 and C2 can be selected based 
on the restriction of (25).

D. Auxiliary Inductor Design

From the previous analysis, the value of auxiliary inductor 
Lr1 is desired for soft-switching range of the main switches at 
turn ON condition based on (20), while the larger value of Lr1 
would increase the auxiliary capacitor voltage according to (23), 
which will increase the active switches voltage stress. More-
over, after the main switch is turned ON, for significant reduc-
tion of the reverse recovery loss of two diodes, decay time of 
the auxiliary inductor current should be greater than three times 
the reverse recovery time trr of the diode D1 (D2) [10]-[22]. 
Consequently, the value of Lr1 is also restricted by

Lr1 ＞ 3trrVo / iLr1(t6)                           (26)

Thus, there is a tradeoff between soft switching range and 
the switches voltage stress when selecting the auxiliary induc-
tor Lr1.

E. Design Example

In this section, a design example of the proposed ZVT cell 
used in the traditional Boost converter is given. The specifi-
cations of the proposed Boost converter are shown in Table I. 

Fig. 4. Simplified equivalent of proposed ZVS cell.

TABLE I
Design Specification of the Proposed Converter

Symbol Parameter Value

Vin Input voltage 250 V

Vo Output voltage 360 V

P Rated power 2 kW

fs Switching frequency 100 kHz
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Input current and output voltage are assumed to be constant 
current source and voltage source, respectively; for this reason, 
the design of input inductor and output capacitor is not taken 
into consideration. Therefore, a detailed introduction was pro-
vided to the selection of components used in the proposed ZVT 
cell as follows.

1) Turn-OFF time of the auxiliary switch toff : The turn-off 
time is the sum of the turn-off delay time and fall time. In gen-
eral, high frequency switches need to have a short turn off time 
to achieve efficient conversion and stable operation. Based 
on the selected switching frequency and (19), toff ＜ 200 ns is 
determined. If toff is too long, this makes the ZVS turn-ON of 
the main switch fail at light load and the conduction loss on 
the ZVT cell will be high. For this reason, the sum of turn-off 
delay time and turn-off time of the selected switching device is 
toff = 94 ns in this paper.	

2) Dead time of the main and auxiliary switch: The dead 
time of the main switch should be less than this time interval 
that the soft switch condition meets, while being greater than 
the power switch turn off time (toff = 94 ns). If the dead time 
is too long, it will lead to a loss of duty cycle. Considering the 
above factors, a dead time of 150 ns was ultimately selected.

3) Auxiliary inductor: Based on the selection of the main 
switch and diode, the minimum value of the auxiliary inductor 
is determined from (20) and (26) as Lr1 > 3.8 μH. As a result, 
Lr1 = Lr2 = 10 μH is selected in this paper. According to the de-
cided value of the auxiliary inductance, the real value of VC can 
be calculated approximately from (23) as VC =11.5 V.

4) Auxiliary capacitor: In order to calculate the auxiliary ca-
pacitance, ∆VC is selected to be less than 15% of the auxiliary 
capacitor voltage. Based on the (25), the auxiliary capacitance 
is selected as C1 > 8.2 μF. Therefore, C1 = C2 = 10 μF is decided 
in this paper. According to the selected value of the auxiliary 
capacitance, the real value of ∆VC can be calculated from (24) 
as ∆VC = 1.4 V.

5) Voltage and current stresses: according to the current 
paths of eight operation modes in Fig. 3, the voltage stress of 
S1/S2, D1/D2 can be obtained as Vo+VC. When the input voltage 

is changed and the output voltage is fixed. Moreover, the cur-
rent stress is presented below. When the charge conversion law 
is applied on the auxiliary capacitor C1(C2), the relationship can 
obtain

        (27)

where Ro is the load resistor.
Hence, the peak value Ip of iLr1(t) can be calculated as

                           (28)

From that, it is known that the current stress on the two 
switches and two diodes is Iin. Finally, based on the calcula-
tions mentioned above, the current ratings and selected devices 
for the 2-kW prototype of the proposed converter are listed in 
Table II.

IV. Experimental Verification
Based on the selected components listed in Table II, a 2-kW 

laboratory prototype of the traditional Boost converter with the 
proposed ZVT cell, controlled by STM32F303, has been built 
and tested. A photograph of the laboratory prototype is shown 
in the Fig. 5. The experimental results of the proposed soft 
switching Boost converter are shown in Figs. 6 and 7. 

As can be seen from Fig. 6(a), before the main switch and 
auxiliary switch are fully turned ON in each operating mode, 
their body diode is conducting and consequently ZVS oper-
ation at turn ON is achieved. Moreover, due to the parasitic 
capacitors, the switches can be turned OFF under nearly ZVS 
condition, which mitigate the switching loss. As shown from 
the Fig. 6(b), when the current through the diodes D1 and D2 
reduce to zero, the reverse recovery process is completed rap-
idly. The presence of parasitic capacitance in the diode can 
store a small amount of energy, which will cause the resonance 
between parasitic capacitor and the auxiliary inductor, there is 
still a small reverse recovery current value. Due to the auxilia-
ry inductor Lr1 and Lr2, the main switch is not affected by the 
reverse recovery process of the diode. When the main switch 

Fig. 5. Photograph of the 2-kW laboratory prototype.

TABLE II
Component Ratings and Selected Devices

Components Ratings Selected devices

Main switch

380 V, 8 A
Infineon: IPW60R037P7

650 V, 76 A, Coss(er) =156 pF, 
Rds(on) = 30 mΩAux. switch

main diode
380 V, 4 A

SMC: SDURK2060
600 V, 20 A, VF = 1.5 V, trr = 28 nsAux. diode

Input inductor
Iave = 8 A

Ipeak = 8.8 A
L = 700 μH, Isat = 15 A

Aux.
inductor

Lr1 Iave = 8 A
Ipeak = 8.8 A

Lr1 = Lr2 =10 μH, Isat = 15 A 
Lr2

Aux.
capacitor

C1 380 V, 8 A C1 = C2 = 10 μF, Vrat = 1000 V 
C2



237

S1 is turned off, the diodes D1 and D2 naturally conducts when 
VD decreases to zero, avoiding the voltage resonant peak and 
the commutation loss during switching. According to the ex-
perimental findings, the current through the auxiliary inductor  
iLr1(t) continues to increase when the main switches S1 is turned 
on. The reason is that the parasitic capacitors of the auxiliary 
switch S2 cannot be overlooked in the operation the proposed 
converter. According to the characteristics of its parasitic ca-
pacitance, the terminal voltage ratio is inversely proportional to 
the parasitic capacitance value. When its terminal voltage ap-
proaches zero, the value of parasitic capacitance is large, which 
will resonate process, the with the auxiliary inductor Lr1 and 
Lr2. Then, the auxiliary inductor resonates with the auxiliary 
capacitor. 

In Fig. 7(a), the measured value of the auxiliary capacitor 

voltage is about 12 V and during the charging and discharg-
ing voltage fluctuation on the auxiliary capacitor is about 1 V, 
which corresponds with the theoretical values. From Fig. 7(b), 
it can be seen that the maximum current through diode D1 and 
D2 are Iin. From the experiment results, it can be observed that 
there is minimal extra voltage stress and no extra current stress 
imposed on the main and auxiliary components. Moreover, the 
experimental results verified the theoretical analysis.

Fig. 8(a) shows the efficiencies curve of the proposed Boost 
converter, the counterpart converter in [10] and the traditional 
hard-switching Boost converter, from which it can be seen that 
the efficiency of the proposed converter has been improved 
significantly compared to the hard-switching Boost converter. 
And the peak efficiency of the proposed converter can reach 
98.76% under full-load condition. And the power loss break-

Fig. 6. Experimental waveforms (a) VGS1, VDS1, VGS2, VDS2. (b) VGS1, iLr1, VD, iD. 

Fig. 7. Experimental waveforms (a) VGS1, VC, Iin, iD. (b) Iin, iD1, iD2.

Fig. 8. (a) Efficiency comparison between the proposed converter, [10], and traditional Boost converter. (b) Power loss breakdown of the protype at full load.
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down is show in Fig. 8(b). It is observed that the power loss 
due to switches, diodes, inductors and capacitors are 29%, 
48%, 10%, and 9%, respectively. 

A performance comparison of the proposed Boost converter 
and some of the well-known ZVT Boost converter is sum-
marized in Table III. As observed, the proposed converter can 
provide ZVS condition for all active switches and ZCS condi-
tion for all diodes. In comparison, it is noted that the converters 
referenced in [10], [12]-[15], [21] are unable to achieve ZVS 
condition for the auxiliary switch, which still suffers switching 
losses. Therefore, the proposed converter can achieve enhanced 
efficiency when compared to these referenced converters. The 
converter of [11] can achieve ZVS condition for the main and 
auxiliary switches. However, the maximum current stress is 
twice the input current, which results in the need for a higher 
current-rated device for the main switch, and an increase in 
conduction losses. The converter of [16] also can achieve ZVS 
condition for the main and auxiliary switches, but the main di-

ode experiences a peak voltage that is twice the output voltage 
due to ringing caused by the resonance between the auxiliary 
inductor and the junction capacitor of the main diode.

V. Family of the Proposed ZVT Converter
The proposed ZVT cell can be applied to the other family 

members of NPDCs to provide fully soft switching operation 
for the switches, which can increase the converters efficiency. 
The integration of the proposed ZVT cell in the Buck, Buck-
Boost, Cuk, and SEPIC converters are shown in Fig. 9, in this 
family of NPDCs, all active switches and diodes operate under 
ZVS turn-ON and ZCS turn-OFF, respectively. The design of 
the auxiliary components and the operational behavior in the 
other NPDCs remains identical as described in Section III of 
this paper.

VI. Conclusion
A family of non-isolated ZVT DC-DC converter with cur-

rent transfer circuit was presented in this paper. The family 
was comprised of Buck/Boost, Buck-Boost, SEPIC, and Cuk. 
The proposed active clamp ZVT cell provides ZVS turn-ON/
near ZVS turn-OFF for all switches and ZCS turn-OFF for all 
diodes. It effectively alleviates the reverse recovery problem 
and improves the overall efficiency of the Boost converter. 
Moreover, the proposed ZVT cell introduces low voltage 
stress while avoiding additional current stress on the main or 
auxiliary components. The operation principles and designed 
producers of the traditional Boost converter with the proposed 
ZVT cell are presented and verified by the 2-kW laboratory 
prototype operating at 100 kHz, which was consistent with the 
theoretical analysis. The peak efficiency of the proposed con-
verter is measured at 98.76% in the experimental results. The 
simplified implementations of the ZVT cell will be explored 
that reduces the circuit complexity while retaining the key ad-
vantages of ZVS operation in the future work. 

TABLE III
Performance Comparison of Proposed Boost Converter and Other Soft-Switched Boost Converter

Topology S* L C
Voltage 
stress*

Current stress*
Soft switching condition(on/off) Switch

Frequency
Power
Rating

Power
EfficiencyMain switch Auxiliary switch

[11] 1 1 3 Vo+VC Iin ZVS/ZVS ZVS/ZVS 100 kHz 100 W 97.8%

[12] 2 2 1 Vo+VC Iin+VC / ZC ZVS/ZCS ZCS/ZCS 100 kHz 250 W 98%

[13] 2 2 1 DVo/3 3Iin ZVS/ZVS ZCS/ZCS 100 kHz 250 W 97.9%

[14] 1 2 2 Vo Iin ZVS/ZVS ZCS/ZCS 100 kHz 300 W 98.1%

[15] 5 2 1 Vo Iin ZVS/ZCS ZCS/ZVS 100 kHz 300 W 98.7%

[16] 2 2 3 Vo+VC Iin ZVS/ZVS ZVS/ZVS 40 kHz 1.2 kW 97.5%

[21] 5 2 2 Vo Iin ZVS/ZVS ZCS/ZVS 100 kHz 2 kW 97.4%

[10] 4 1 1 Vo Iin+VC (CS1/Lr1)
1/2 ZVS/near ZVS ZCS/near ZVS 100 kHz 2 kW 98.2%

Proposed 2 2 2 Vo+Vc Iin ZVS/near ZVS ZVS/near ZVS 100 kHz 2 kW 98.76%

S*: With additional diode     Voltage stress*, Current stress*: The voltage and current stress on S1/S2, D1/D2.

Fig. 9. Other DC-DC converters with the proposed ZVT cell. (a) Buck. (b) 
Buck-Boost. (c) SEPIC. (d) Cuk.
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Power Management With Event-Triggered Predictive 
Function Control for DC Microgrid Clusters

Sucheng LIU, Taohu ZHOU, Tao HONG, Qianjin ZHANG, Wei FANG, and Xiaodong LIU

Abstract—A DC microgrid cluster (DCMGC) is a networked 
power grid that consists of multiple small-scale DC microgrids 
(DCMGs), and every single DCMG (sub-grid) can be composed 
of multiple heterogeneous units, e.g., distributed energy resources 
like photovoltaic (PV) and wind turbine (WT), energy storage 
systems (ESS), and local loads. The DCMGC is such a complex 
network with multiple control objectives that requires control 
at both system-level and sub-grid level, which suits well with 
model predictive control (MPC) algorithms. However, the MPC 
suffers from the high computation burden, especially dealing 
with complex control plant models like DCMGCs. In this paper, 
an event-triggered predictive function control (ET-PFC) is pro-
posed for power management of DCMGCs, maintaining excellent 
control performance of PFC algorithm while saving computing 
resources in the control process. Further, a universal low-cost mi-
crocontroller (STM32) solution is presented for implementation 
of the ET-PFC scheme and a low-voltage DCMGC laboratory 
prototype that consists of three DCMGs (six converters) is built to 
validate the controller implementation by hardware experiment 
results. 

Index Terms—DC microgrid cluster, event-triggered control, pre-
dictive function control, power management, stability guarantee.

I. Introduction

DC microgrids (DCMGs) are localized small-scale power 
systems that utilize direct current (DC) for distribution,  

enhancing energy efficiency and integration of renewable energy  
sources (RESs), energy storage systems (ESSs), and various  
local loads [1]-[4]. In recent years, DCMGs have been utilized  
in residential, commercial, industrial, remote, and off-grid 
areas, as well as data centers and electric vehicle charging 
stations, etc [5], [6]. A DC microgrid cluster (DCMGC) is an  
interconnected network of multiple DCMGs that enhance energy  
sharing, reliability, and resilience across multiple localized 
power systems [7], [8].  
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Due to the high adoption of power electronic converters 
for interfacing multiple heterogeneous units including RESs, 
ESSs, and local loads, DCMGCs are in fact complex networks 
of higher-order and nonlinear dynamics [9], [10]. Moreover, 
the control design of DCMGCs usually deals with multiple 
control objectives across multiple time-scales, e.g., current 
sharing, voltage restoration, power quality control, and power 
management, and so forth [11]-[16]. Thus, hierarchical con-
trol has been introduced to greatly simplify the control design 
with multiple objectives for DCMGCs [17]. The hierarchical 
control in general consists of the local and global control, and 
assigns the control objectives to each corresponding level with 
decoupled and elegantly designed fashion. Specifically, the 
local control consists of primary and secondary controls that is 
concerned with current sharing and power quality control with-
in each DCMG, while the global control addresses power man-
agement of DCMGCs at system-level [18]-[20]. In most cases, 
the local control for a single DCMG has been well recognized 
[21], [22], but the power management at global level remains 
a challenging open problem due to more complex nature of the 
DCMGCs.

Nowadays, the power management at the global level mainly  
uses proportional-integral (PI)-based algorithms for different 
application scenarios of DCMGCs [19]. However, the PI-based 
algorithms suffer from shortcomings of modeling complexity, 
parameter tuning, limited optimization, and stability guarantee, 
and so forth. It is therefore desired to deploy advanced control 
algorithms like model predictive control (MPC) and intelligent 
control methods for addressing the shortcomings of linear PI 
algorithms [23]-[28]. Particularly, the MPC uniquely handles 
multivariable systems with explicit constraint management, 
future behavior prediction, and optimal control, offering robust-
ness, flexibility, and adaptability for improved performance in  
microgrids and complex microgrid clusters [29], [30]. Obviously, 
MPC need to solve optimization problems in real time to 
generate control inputs. However, in DCMGCs, the coupled 
dynamics of multiple microgrids makes the system state 
change rapidly, which puts severe demands on computational 
speed and resources [31]. For highly scalable DCMGCs, the 
computation time of the optimization problem may exceed the 
allowable control period, resulting in delayed control response, 
which affects the stability and performance of the system. At 
this time, how to reduce the computation amount of MPC is 
particularly important. Among various MPC algorithms, the 
predictive function control (PFC) is distinguished by its simple 
control structure, direct set-point tracking, reduced computa-
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tional burden, explicit disturbance rejection, and ease of imple-
mentation, making it efficient and robust for real-time control 
of complex processes like DCMGCs [32]-[34]. Nevertheless, 
it still costs high computation resources due to online rolling 
out the optimal command in the implementation of the PFC 
algorithms for power management of DCMGCs [35]. In fact, it 
is unnecessary to compute the optimal control sequence during 
every single control horizon in the MPC when the DCMGCs 
works in steady-state conditions since the control sequence 
in the next cycle will remain as before [36], [37]. With this  
regard, the event-triggered (ET) mechanism is introduced in the  
MPC control algorithms to substantially reduce the computa- 
tion burden [31], [38], [39]. In [38], ET-MPC method for power 
converters is presented and the experiments show that the 
ET-MPC method can reduce the computational burden and 
switching actions based on the traditional finite control set 
MPC (FCS-MPC) while maintaining excellent regulation 
performance, thereby reducing switching losses. In [39], an 
integral-type ET mechanism is proposed by incorporating 
the integral of errors between the actual and predicted state  
sequences, leading to reduction of average sampling frequency. 
Similarly, ET control is also used to regulate the bus voltage of 
hybrid energy storage system (HESS) in microgrids efficiently 
[31]. In our earlier work [40], the ET-PFC algorithm has been 
preliminarily verified by MATLAB/Simulink simulations and 
controller-hardware-in-the-loop results, whereas detailed con-
troller design, stability guarantee, and power hardware-based 
implementation have yet to be explored. 

Table I summarizes the different schemes and their charac-
teristics in microgrids. Followed by previous success of the 
ET-MPC paradigm, this work attempts to introduce an ET con-
dition to the PFC controller, thereby proposing the ET-PFC of 
low computation resource requirement for power management 
of DCMGCs. To this end, a low-cost microcontroller-based  
implementation of the proposed idea for DCMGCs is presented,  
and hardware experimental results are given as well for the 
validation. The main contributions of the work are summarized 
as follows: 

(1) Based on the original PFC scheme, an ET-PFC controller 
for the power management of DCMGCs is proposed to sub-

stantially save the computation resources. 
(2) The implementation of the proposed ET-PFC method is 

achieved with a universal low-cost microcontroller solution.
(3) Unlike most existing validations by simulations or hard-

ware-in-the-loop (HIL) results, a low-voltage DCMGC hard-
ware prototype consisting of three DCMGs (including six DC/
DC converters) is built to verify the control implementation by 
experimental results.

The rest of this paper is organized as follows: First, the prin-
ciple of hierarchical control and the ET-PFC for DCMGCs is 
described in Section II. Then, the design of ET-PFC for the 
DCMGCs is presented in Section III, and exclusion of the 
Zeno behavior is also discussed. Further, the stability guarantee 
for the proposed control method of the DCMGC is given in  
Section IV. The 48 V low-voltage DCMGCs hardware experiment 
platform that is composed of three DCMGs is presented to  
verify the control performance of the proposed method in Section 
V. Conclusions of the work are finally drawn in Section VI.

II. Hierarchical Control for DCMGCs
Fig. 1 illustrates a general DCMGC topology which consists 

of N DCMGs interconnected by tie-lines, and every single 
DCMG can be composed of RESs including photovoltaic (PV) 
and wind turbine (WT), battery energy storage systems (BESSs) 
and a variety of electronic loads acting as constant power load 
(CPL). In addition, the communication network for the control 
of the DCMGC is depicted at the top, and both local network 
and global network use distributed communications and they 
are connected via the pinning links [41]. 

According to the structure of the DCMGC, the hierarchical 
control can be separated into two layers, viz., local control 
layer that is for a single DCMG, and global control layer for 
system-level power management of the overall system, which 
is shown as the block diagram in Fig. 2. In this section, we first 
discuss the local control, and then propose global control im-
provements for DCMGC.

A. Local Control for a Single DCMG

The main functions of the local control for a single DCMG 
cover output voltage regulation for every single DC/DC con-
verter, current sharing among the converters in parallel, and 
bus voltage restoration, and these are achieved by coordination 
between the primary control and the secondary control. 

Specifically, in primary control, the inner voltage and current 
loops form the dual-loop control for the output voltage regu-
lation of every single DC/DC converter, and the outer droop 
control loop performs autonomous current sharing among the 
converters in parallel. By the output voltage of the converters, 
the droop control can be expressed as

                            (1)

where  is the DC bus voltage,  and  denotes the refe- 
rence output voltage and the output current from converter#i 
in DCMG#M (M = 1, 2, …, N), and  represents the droop 

TABLE I
Overview of Different Control Schemes in Microgrids

Schemes Characteristics

PI Control [19] Simple structure but the control effect of high 
order nonlinear system is not ideal

MPC [25]
Strong multi-variable processing ability and 

constraint processing ability but the amount of 
calculation is huge

PFC [32], [33] Direct set-point tracking, simple control structure 
but the computational burden is heavy

ET-MPC [38], [39] Less computational burden while ensuring 
performance

Proposed ET-PFC Simple control structure and low computation 
resource requirement
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coefficient which can be regarded as a virtual impedance, re-
spectively.

Although the droop control achieves autonomous current 
sharing without any communication, it equivalently adds the 
virtual impedance at the output of the converters in parallel, 
and thus causes bus voltage deviation from its nominal refer-
ence, especially in the heavy-load conditions.

To restore the DC bus voltage to its nominal reference, sec- 
ondary control will be executed. Usually, secondary control is 
implemented with distributed communications, which means 
that there is only information shared directly between the 
neighboring converters. Thus, the consensus algorithm will be 
required to ensure all the converters in distributed control are 
with the same averaged output voltage, which can be given by

              (2)

where  and  stand for the estimated value of the aver-
age voltage, the actual average voltage of the converter#j in 
DCMG#M, aj,i is the communication weights between con-
verter#j and converter#i, and VM, i is the sensed voltage of the 

converter#i, SM denotes the total number of converters in DC-
MG#M, respectively.

Once the estimation of the average voltage is obtained, the  
deviation of the DC bus voltage can be compensated by integ- 
ral function of secondary control. Therefore, the bus voltage 
after secondary control can be written as

                   (3)

where  denotes the voltage compensation term out from 
the secondary controller.

B. Global Control for the DCMGC

As mentioned above, the local control only deals with the  
operation of a single DCMG or the DCMG in standalone opera- 
tion mode. When multiple DCMGs operate together as the 
DCMGC, the global control will be employed to handle the 
power flow among the interconnected DCMGs.

Like the distributed control of the secondary control, the 
global control also adopts distributed communication network 
but with more complicated nature. As shown in Fig. 1, in the 
communication network for global control, the square node 

S. LIU et al.: POWER MANAGEMENT WITH EVENT-TRIGGERED PREDICTIVE FUNCTION CONTROL FOR DC MICROGRID CLUSTERS

Fig. 1. A general DCMGC topology.
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represents control agents for a single DCMG, while the circle 
node represents control agent for a single converter within 
each DCMG. The information between the square nodes and 
the circular nodes is transmitted through the pinning link. Fur-
thermore, the circle node link can be shared with the secondary 
control to save communication resources.

The voltage and current information of the single converter 
are obtained through the converter control agents and then 
transmitted to the DCMG control agent to realize global con-
trol, which can be written as

              (4)

where eM,i denotes the difference between the local current 
of the converter and both of the current of its neighboring 
converters and the set global current i*

i, bi represents commu-
nication weights for the DCMG control agent and converter#i, 
respectively.

In the traditional global control, the voltage deviation that is 
generated by the global PI controller to facilitate the system- 
level power flow can be expressed as

d               (5)

Therefore, the bus voltage of the DCMG will be attained as

              (6)

Different from the traditional methods, the global control in 
this work will replace the PI algorithms by the ET-PFC algo-
rithm for the DCMGC. The design of the PFC controller and 
the ET mechanism in the global control will be detailed in the 
next section, respectively

III. The ET-PFC Controller Design for System-
Level Power Management of the DCMGC

Fig. 3 shows the block diagram of the proposed ET-PFC 
scheme that is composed of two main parts, i.e., the PFC and 
the ET mechanism, and design of the ET-PFC controller will 
take two steps according to the mentioned two parts.

A. Design of the PFC Controller

With the PFC scheme, future control effect can be expressed 
as a linear combination of a specific family of functions  
causes rapid deviations in the bus voltages of neighboring DCMG, 
and the general form of the global control can be given by 

Fig. 2. Hierarchical control block diagram of the DCMGC.
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  (7)

where (k + λ|k) represents the global control voltage  
deviations at instant k + λ predicting instant k; gq(λ) represents 
the output response value of the qth basis function; μq(k) 
represents the coefficient; γ represents the number of basis 
functions (a step function is selected as the basis function); P 
represents the predicted horizon, respectively.

1) Prediction Model
The prediction model of the plant is supposed to be estab-

lished first for predicting the dynamic behavior of the DC-
MGC. At the heart of the DCMGC, the DC/DC converters will 
be modeled by the state-space averaging method to capture the 
dominant slow-scale dynamics while neglecting the switching 
frequency component [42], and this can be expressed as

 (8)

where xm and im represent the state vector and the output vector 
of the prediction model, respectively; Am, Bm and Cm represent 
the coefficient matrices of the corresponding vector in the pre-
diction model, respectively.

After continuous iteration, the state space expression of the 
system at time constant k + λ is given by

  (9)

Then, substituting (7) into (9) yields

  

     (10)

where μ(k) = [μ1(k), μ2(k), …, μq(k)]T, Gk(λ) = [g1k(λ), g2k(λ), …, 
gqk(λ)], Gk(λ) = [Cm BmG1k(0),Cm BmG2k(1), …, CmBmGλk 

(λ-1)], respectively.

2) Reference Trajectory
To avoid large fluctuations in the output of each DCMG in 

the DCMGC, we set a reference trajectory as

                (11)

where i(k) represents the actual output current, and iset(k + λ) is 
the current set at instant k + λ, and F(i(k), iset(k + λ)) denotes the 
functional relationship between these two variables, respectively.

To ensure that the system output transitions smoothly to the 
target value, a typical form of the reference trajectory can be 
represented by

s
[                    ]  (12)

where Ts and Tr denote sampling period and time constant of 
the reference trajectory of the system, respectively.

The selection of Ts influences the convergence rate of the 
reference trajectory towards the setpoint. As shown in Fig. 4, 
these subfigures demonstrate the overshoot and transient time 
of reference trajectory tracking errors under varying Ts/Tr ratios 
in (12) through simulations. The selection of Ts/Tr = 0.5 in this 
work aims to achieve an optimal trade-off between transient 

Fig. 3. Block diagram of the proposed ET-PFC scheme.
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response time and overshoot suppression.
Further, the set value is expressed as polynomial sums by

                (13)

where c0(k), cj(k), and j stand for the partial current reference at 
a given instant, coefficients for each term, and the order of the 
corresponding current, respectively.

Combining (12) and (13), the reference trajectory is obtained 
as

s
[                    ]

  (14)

3) Feedback Correction
In practical applications, the predicted values may deviate 

from the actual values due to the influence of uncertainties 
such as model mismatch and external disturbances. The devi-
ation will increase over time if real-time voltage and current 
information cannot be transmitted in time for correction and 
optimization. Hence, the compensation of the deviation is real-
ized by the feedback correction.

The deviation or error between the actual and predicted values 
can be expressed as

                          (15)

Then, the error value of instant k is given by

                               (16)

where h is the correction coefficient that corrects the mismatch 
between the model and the actual values.

The correction coefficient h, serving as a critical parameter 
in the feedback correction module of predictive function con-
trol, embodies the mechanism by which current tracking errors 
are propagated through coefficient h to future predictions at the 
λ-step prediction horizon terminal, thereby achieving exponen-
tial convergence of closed-loop error dynamics. 

(1) Stability constraint: constructing an energy function  
V(k) = ||e(k)||2, the stability requirement ΔV = (h2−1)||e(k)||2 ≤ 0, 
necessitates h < 1.

(2) Error attenuation requirement: to achieve an error decay 
ratio of Ф, the correction coefficient h must satisfy: h = Фλ.

The predicted value of the model with the feedback correc-
tion is derived as

[                             ]

 
(17)

4) Rolling Optimization
The PFC algorithm needs to determine the next step control 

action based on solving optimal solution based on the cost 
function in a finite horizon. Since the PFC algorithm does not 
use a global optimization performance measure, it suggests 
that this solving process is performed iteratively on-line as the 
prediction horizon changes, viz., the rolling optimization.

The optimization performance measure at instant k is ex-
pressed as

        (18)

where ir(k + ti|k) denotes the desired output at instant k; s is the 
number of fitting points and ti is the specific instant of the fitt-
ing point; σi represents weight coefficient which indicates the 
degree of suppression of the tracking error; respectively. 

The weight σi is used to differentially regulate the tracking 
error priority at different time steps (e.g., the proximal error 
penalty is stronger than the distal). There exists s independent 
weight coefficients σ1, σ2, …, σs, corresponding to the error  
penalty weights for s time steps. Furthermore, in the hierarchical  
control architecture of DCMGC, the global control adopts the  
output current as the controlled variable to achieve energy manage-  
ment objectives. Therefore, the cost function incorporates only  
current-related variables to derive optimal control sequences.

Fig. 4. The reference trajectory tracking setpoint. (a) error overshoot; (b) transient time.

(a) (b)



247

Based on (14) and (17), we derive

s

 (19)

Now, (18) can be simplified as

        (20)

where

(20) can be written as the compact form in the following

               (21)

To obtain the minimum value of J(k), the partial derivative 
of J(k) with respect to μ(k) can be obtained as

              (22)

Hence, the solution is found as

                         (23)

In the predictive control, the first control variable is applied 
to the system with the rolling optimization, and that is given by

    (24)

B. Design of the Event-Triggering (ET) Condition

To eliminate redundant operations of the PFC during the 
rolling optimization process, an ET condition is incorporated 
into the PFC for the global control, which is illustrated by Fig. 5. 
In accordance with [38], the derivation of ET-PFC proceeds as 
follows:

(1) The state variable xm(k) in the converters within every 
single DCMG is measured.

(2) The error value e(k) and e(k + tet) are calculated, respec-
tively.

(3) The ET condition is designed.
(4) The error e(k + tet) and e(k) are compared to determine 

whether to activate PFC, and PFC controller will update the 
control sequence once the ET condition is met; otherwise, PFC 
is suspended and the control sequence remained, thus eliminat-
ing the redundant operation, and reducing the computational 
burden.

Where tet denotes the sample time of the ET, and it is equal 
to the switching cycle of the converter in this paper.

Based on (15), the error with the ET can be expressed as

e(k + tet) = i(k + tet) - im(k + tet | k)                   (25)

The two neighboring trigger instants are denoted as k+tE and 
k, and the relationship between tet and tE is expressed as

tE = m·tet                                                                   (26)

where m denotes the number of sampling cycles after the trig-
ger condition is satisfied again. 

It should be noted that the error is squared before the com-
parison to prevent false triggering and missed triggering caused 

Fig. 5. Principle of event triggering (ET) in PFC.

Fig. 6. Flowchart of ET-PFC for the DCMGC.
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by negative numbers in the solving of the difference. There-
fore, the ET condition can be designed as

          (27)

where η denotes the contraction or expansion of the triggering 
condition.

The flowchart in Fig. 6 shows the process of ET-PFC for the 
DCMGC. The controller obtains the predicted current value 
and the reference at the instant k + tet, and detects the real-time 
current value and reference. Comparing them by utilizing 
the triggering condition, the state variables will be updated to 
generate a new control sequence acting on the DCMGC if the 
triggering conditions are satisfied.

On the other hand, the ET-PFC controller may suffer from 
infinite triggering phenomenon which is known as Zeno 
behavior [43].  Its underlying mechanism can be rigorously 
formalized through the convergence analysis of the inter-event 
time sequence. Assume the qth triggering instant is k + tq. If 
there exists a finite time k + t∞ such that

                      (28)

In order to avoid Zeno behavior, regarding the event-trigge-
ring condition proposed in this work, a positive time interval 
is required between any two consecutive trigger instants k and 
k+tE. The second equation in (27) indicates that the minimum 
time interval is

             (29)

IV. Stability Guarantee With the Proposed 
Control Scheme

In this section, the closed-loop stability with the proposed 
ET-PFC control scheme will be tackled based on the Takagi- 
Sugeno (T-S) fuzzy modeling, Lyapunov function theory, and 
Gerschgorin’s theorem.

Regarding the hierarchical control block diagram of Fig. 2  
for the DCMGC, it has been recognized that the inner control 
loops  Fig. 7. Simplified model of the DCMGC.

are always faster than outer ones, which lays foundation 
on the reduced modeling of the system by separating lower 
dynamics from faster dynamics. Based on the sufficiently 
fast response of the inner current loop, the inductor current 
can rapidly track the current reference generated by the outer 
voltage loop [44]. Thus, the DC/DC converters with dual-loop 
control in the primary level for every single DCMG can be 
approximated by controlled current sources since the inner cur-
rent loops have much higher bandwidth than the outer voltage 
loops. As such, the simplified dynamic model of the DCMGC 
can be derived as in Fig. 7 where each DCMG model consists 

of multiple controlled current sources in parallel and a lumped 
CPL. Combined with the control block diagram of Fig. 2, the 
model of the local control can be described as

d

d

L

d
L L L

     (30)

where KP, KI and kP, kI denote the PI parameters of the voltage 
and current loops, respectively.

On the other hand, the model of global control can be de-
rived as

[                           ] [                                         ]
  
(31)

L

L

L

L

Fig. 7. Simplified model of the DCMGC.
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By the analogy of the consensus algorithm, the variables at 
instant k in (31) can be represented by those at instant k-1 as 
follows:

d

d

d

(32)

where a1, a2, Bj,i and bi represents relevant communication 
weights, respectively.

Bringing (32) into (31) yields

  

d

d

d

(33)

Then, we rewrite (33) in a simplified form as

d       (34)

where 

Adding the ET conditions to the global control derives

d

d

  

(35)

where G = 0 or 1 represents whether the trigger condition is 
met or not, respectively.

Meanwhile, the circuit model is given by

L
   

 (36)

where ,  and , represent the inductor current, PI pa-
rameters of the converter#i in DCMG#M, respectively.

Set the state variables as

      (37)

Then, the general model of the DCMGC including both the 

main circuit and the control loops is written as

 (38)

For simplicity, the model in (38) can be rewritten in the 
compact form as

                             (39)

where x(t) =[ωM,i
ter , ω

M,i
loc , V1,1, i

1,1
o  , V

1
bus , i

1
TL ,…, ωN,i

ter , ω
N,i
loc , VN, j,  

iN,j
o  , V

N
bus , i

N
TL]

T, and u(t) = [0, V1,1
ref , 0, 0, 0, 0,…,0, VN,i

ref , 0, 0, 0, 0]T, 
and u(t) ℝ12×1 stand for the input vector, respectively.

Subsequently, we use the T-S fuzzy modeling, Lyapunov 
function theory, and Gerschgorin’s theorem to obtain the follow- 
ing stability criterion for the system (39), the details of the proof 
are given in the Appendix.

  
 (40)

The inequalities of (40) implies that stability can be guaran-
teed by properly designing the prediction horizon P, the sample 
time of the ET tet, main circuit parameters and the PI parame-
ters for local control.

V. Experimental Verification
To validate the proposed ET-PFC design scheme, the full 

physical hardware-based laboratory setup of the DCMGC in 
Fig. 7 has been built. The layout of the setup is shown in Fig. 
8 (a) where the DCMGC is comprised by interconnection of 
three DCMGs with tie-lines and circuit breakers, and each 
DCMG consists of two DC/DC boost converters in parallel 
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and two local loads. The ET-PFC scheme for every single 
DCMG is implemented with a low-cost universal microcon-
troller (STM32), so that there are three STM32 controllers 
with distributed communication for the DCMGC. The signal  
acquisition is realized by using the analog to digital converter 
(ADC) module that comes with STM32, and the efficient 
control algorithm operation and PWM signal generation are 
completed by combining direct memory access (DMA) and 
timer. Compared to digital signal processor (DSP) controller 
that require complex peripheral circuits, the STM32 solution 
significantly reduces hardware design complexity and overall 
cost, while providing a high degree of realizability in code 
development and hardware debugging. The main parameters 
of the experimental setup are listed in Table II. Based on the 
layout, the experimental test setup is shown Fig. 8(b) where the 

8-channels oscilloscope, the programmable power supply and 
the host computer are included as well as the layout of power 
stage of the DCMGC.

A. Power Flow Management

Three sets of experiments corresponding to three control 
schemes, i.e., PI, PFC, and the proposed ET-PFC have been 
performed, and the results of power flow management with the 
three control schemes are shown in Figs. 9-11, respectively. As  
soon as the global control of the DCMGC is engaged, the power 

Fig. 8. Hardware-based laboratory setup. (a) Layout of the DCMGC. (b) Photo of the experimental setup.

(a) (b)

Fig. 9. Power flow management with PI controller.

Fig. 10. Power flow management with PFC controller.

TABLE II
Parameters of the Hardware Setup. (M = 1, 2, 3; i = 1, 2)

Parameter Symbol Value

Input voltage of boost converters (V) V M,i 
in 20

Bus voltage in DCMG#M (V) V M 
bus 48

Switching frequency of boost
converters (kHz) fs 100

Output capacitance (μF) CM,i 950

LineM,1 resistance (Ω) rM,1 0.2, 0.5, 0.8

LineM,1 inductance (mH) LM,1 2.28, 2.35, 2.39

LineM,2 resistance (Ω) rM,2 0.2, 0.5, 0.8

LineM,2 inductance (mH) LM,2 2.32, 2.38, 2.42

Tie-line M resistance (Ω) r M 
TL 1, 1, 1

Tie-line M inductance (mH) L M 
TL 2.45, 2.48, 2.55

Converter#M,1 load (Ω) RM,1 12, 48, 60

Converter#M,2 load (Ω) RM,2 96, 24, 16
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flow experiences the transient process, and the regulation time 
and overshoot of every control scheme differs from each other.  
Furthermore, the triggering signal denoted by uET for the  
controller and implemented by the microprocessor is shown at 
the bottom of Fig. 11, as well, which indicates the updated time 
of the ET-PFC controller. Once the ET-PFC controller updates 
the control sequence due to the trigger condition is satisfied, uET 
will generate a high-level signal, and the time required by this 
process is denoted as TPFC. Otherwise, the time consumed by 
the unsatisfied trigger condition is defined as TET. Obviously, 
the updating frequency of the ET-PFC controller is much lower 
than that of the controller with the high switching frequency fs 
of the DC/DC converter. 

Given the results in Figs. 9-11, the performance of the three 
control schemes in terms of overshoot, steady state error and 
recovery time, are summarized and compared in Fig. 13. The  

quantitative description of the core performance metrics is  
listed in Table III, where the ET-PFC is similar to traditional 
PFC in dynamic performance, and ET-PFC is 38 %, 46 % and 
33 % better than those of PI control in terms of overshoot, 
steady-state error and recovery time, respectively, and the 
comprehensive performance of the proposed control method 
improves by 40 %.

In PI controller, steady-state errors in control systems pre-
dominantly originate from persistent disturbances or the lack 
of low-frequency gain. As shown in Fig. 12, under load step 
conditions corresponding current tracking errors progressively 
amplify. 

The microcontroller unit employed in this paper is STM-
32F407VET6 operating a clock frequency of 168 MHz, and 
the switching frequency of DC/DC converter is 100 kHz. The 
architecture of ET-PFC algorithm architecture incorporates 
functional modules including ADC sampling, mathematical 
computation, conditional logic and DAC output. The execution 
times of individual modules in the proposed algorithm, mea-
sured via hardware-based debugging, are presented in Table IV. 
It is concluded that the execution duration of a single ET-PFC 
control cycle remains below the switching period of the power 
converter, satisfying real-time operational requirements. 

As shown in Fig.11, the temporal occupation ratios of TPFC 
(traditional PFC computation) and TET (event-triggered com-
putation) during complex control operations are quantified as 
53% and 47% respectively, demonstrating a 47% computa-
tional load reduction through the event-triggered framework. 
Meanwhile, the ET reduces the online computational burden 
caused by the prediction mechanism, which is a conciliation 
between performance and computation.

In addition, to show the constraint of η on the trigger condi-

Fig. 11. Power flow management with ET-PFC (η = 1).

Fig. 13. Comparison of PI, PFC and ET-PFC performance. (a) Overshoot. (b) 
Steady state error. (c) Recovery time.

Fig. 12. Load step change with PI controller.

TABLE III
Performance Comparison Diagram of Three Control Methods

TABLE IV
Evaluation of the Calculation Cycle of the Proposed Control 

Algorithm

Performance index
control methods

Overshoot
/A

Steady-state error 
percentages /%

 Recovery 
time/s

PI 0.66 42 1.8

PFC 0.30 18 1.1

ET-PFC 0.33 25 1.2

Modules Time-consuming 
/μs Explanation

ADC sampling 2.57 Call function, floating point 
conversion

Conditional logic 0.06 GPIO input detection

Matrix calculation 1.36 Multivariate assignment and 
operation

State update and 
intermediate variables 0.86 Depend on the previous step 

results

DAC output 0.36 DAC data conversion and 
writing

Total 6.31
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tion, Figs.14 and 15 show the experimental results of ET-PFC 
control when η is 1.2 and 0.8, respectively. It can be seen that 
when the trigger condition is contracted, the trigger condition 
is more easily satisfied when the global control is started, 
which increases the time for the system to achieve current 
sharing; on the contrary, when the trigger condition ex-
pands, the PFC controller frequently updates the control se-
quence in the transient process of the system to speed up the 
system current sharing. Table V presents the time propor-
tions of TET and TPFC within 10 seconds after global control 
activation events in Figs. 11, 14, and 15. These quantitative 
variations confirm that adjustment of triggering thresholds 
regulates optimization burden of the PFC controller, achiev-
ing computation-resource reallocation without compromis-
ing dynamic performance.

Furthermore, since the proposed global controller for the 
DCMGC employs a distributed communication-based de-
sign, it is imperative to investigate the impact of communi-
cation delays on system performance. As shown in Fig. 16, 
experimental results of the global control implementation 
with intentionally introduced communication delays (30, 
80 and 100 ms) reveal a progressive deterioration in system 
stability as the communication delay increases. This demon-

strates the proposed strategy has certain robustness to commu-
nication delay.

B. Transient Responses to Load Step Change

To demonstrate the performance of the ET-PFC scheme, the 
transient response to resistive load step change for the PI con-
trol and the ET-PFC are shown in Figs. 17 and 18, respectively. 
When the load in DCMG#2 R2,1 undergoes step changes from 
48 Ω to 16 Ω and back to 48 Ω, one can observe that the recov-
ery time with the ET-PFC scheme is around 1-1.2 ms, whereas 
the PI control takes 4 ms. In other words, the transient response 
of the ET-PFC scheme is approximately 3-4 times faster than 
that of the PI control. Furthermore, zoom-in view of uET in Fig. 
18 also indicates that the frequency of uET is significantly lower 
than the switching frequency of the DC/DC converter, imply-
ing reduction of online computation burden with ET-PFC.

Last, the transient responses to the CPL step changes in  
Converter#2, 1 with the proposed ET-PFC scheme implementa- 
tion are given in Fig. 19, and the stable transitions to different 
magnitudes of CPL load changes demonstrate well stability of 

Fig. 14. Power flow management with ET-PFC (η = 1.2).

Fig. 15. Power flow management with ET-PFC (η = 0.8).

Fig. 16. Experimental result on communication delay in global control with ET-
PFC.

Fig. 17. Transient response to the resistive load step change with PI controller.

Fig. 18. Transient response to the resistive load step change with ET-PFC.

TABLE V
The Proportional of Tpfc and Tet Under Varying η

Conditions Tpfc / % Tet / %

η = 0.8 62 38

η = 1 53 47

η = 1.2 35 65
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the system.

VI. Conclusions and Discussions
In this work, power management for the DCMGC with the 

microcontroller-based implementation of ET-PFC scheme is 
proposed. Dynamic modeling, controller design and stability 
guarantee with the proposed control scheme are presented.  
The hardware-based experimental results have verified superior 
performance of the proposed scheme. Conclusions can be drawn 
as follows: 

(1) By introducing the ET condition, the ET-PFC has suc-
cessfully reduced the computation burden of the predictive 
control in the power management for DCMGCs while preserv-
ing the control performance. With this, reduction of the com-
munication resources is another benefit with the ET-PFC. 

(2) The steady-state error and dynamic performance of the 
ET-PFC algorithm outperforms the PI controller. Compared 
with the PFC algorithm, the computation burden is significantly 
reduced while the performance remains.

(3) The stability of the proposed control scheme is guaran-
teed based on the T-S fuzzy modeling approach and Gershgorin 
circle theorem, which has been corroborated by experimental 
verification. 

(4) The universal low-cost microcontroller (STM32)-based 
implementation offers a promising solution for practical appli- 
cations of the proposed scheme in DCMGCs and could be 
potentially applicable to other similar applications like DC and 
AC active distribution power systems. 

(5) The experimental results show that the ET-PFC scheme 
has a satisfactory performance in terms of scalability of DC-
MGCs and integration with renewable energy sources.

While the ET achieves benefits as above, it has several limi- 
tations: 

(1) Designing event-triggering conditions in the predictive 
control requires careful tuning to balance performance and re-
source usage.

(2) Applying ET to large-scale systems remains a grand chall- 
enge due to the communication latency and synchronization 
issues

In future work, evaluations of adaptive ET design and more 
effective communication means will be conducted.

Appendix 
Derivation of the Stability Criterion 

Now, to facilitate the simplified analysis of the derived non-
linear model of the DCMGC, the T-S fuzzy modelling method 
represents the original nonlinear system in (39) by a convex 
combination of a set of linear subsystem models.

Rule Rk: If z1 is F1
k, …, and zu is Fu

k, the subsystem can be 
described as

                       (41)

where z1, …, zu are functions of state variables; Fu
k denotes a 

fuzzy set of zu or so-called membership function and 2N is the  
number of fuzzy rules, respectively; Ak ∈ℝN×6N, Bk∈ℝ6N×1 stand 
for system matrix the kth fuzzy subsystem, respectively.

The nonlinear system of (39) has N nonlinear terms and each 
of them requires two linear terms to be constantly approximated, 
so that 2N matrix are required for the linearization. Then the 
matrix Ak can be expressed as

(42)

The value of -1/LN
TL in the off-diagonal term implies the 

coupling between the sub-grids in the DCMGC. Hence, the 
sub-matrix of DCMG#M AksubM containing the nonlinear term 
can be expressed as (43).

Meanwhile, the nonlinear terms in DCMG#M are approxi-
mated by the linear terms of AksubM33 in (43), choosing xM to be 
xminM or xmaxM, respectively.

Fig. 19. Transient response to the CPL step change with the ET-PFC. (a) P2
CPL 

from 48 W to 200 W. (b) P2
CPL from 48 W to 300 W. (c) P2

CPL from 48 W to 400 W.
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By single point fuzzification, multiplicative reasoning and 
weighted average defuzzification, the T-S fuzzy model is ex-
pressed as

u
         (44)

where hk (zu) = ωk (zu) /  ωk (zu), and ωk (zu) =  Fk
u (zu).

The stability of T-S fuzzy model is studied by Lyapunov di-
rect method, and the Lyapunov function candidate is defined as

                         (45)

Therefore, the stability of the system is guaranteed if exist a 
P satisfying

                         (46)

Bring the linearized matrix Ak into (46) and then determine 
whether the system is asymptotically stable based on the solv-
ability of the set of linear matrix inequalities (LMIs) (i.e., the 
existence of P). In other words, all the real parts of the eigen-
values of the matrix Ak in (46) are negative, then the system 
is asymptotically stable. It is difficult to find the eigenvalues 
directly from the eigenequations when the order of the matrix 
is high, here we need use the following Gershgorin circle theo-
rem to estimate the range of the eigenvalues.

Theorem 1 [45]: Let matrix A = (aij)∈Cn×n , make n circles 
in the complex plane (called Gale circles, first introduced by 
Gerschgorin)

(47)

then the set of eigenvalues of A is λ(A) Ci = G(G is the Gale 

circle system of A).
Thus, the Gale circle system of 2N linear matrices Ak for (44) 

is described as

(48)

Finally, the eigenvalues need to be satisfied in the left half 
plane as (40), with this, the derivation is completed.
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Quality Management of Energy Storage VSG Based 
on Odd-Order Repetitive Control

Yifei SUN, Jinghua ZHOU, Shasha CHEN, and Tianfeng LAN

Abstract—As renewable energy integration reduces grid 
strength, energy storage virtual synchronous generator (VSG) 
control becomes critical for grid support. However, power quality 
challenges arise from nonlinear loads and background harmonics 
in distribution networks. This study addresses energy storage 
VSG’s power quality limitations by proposing a sensor-free selec-
tive control strategy to optimize point of common coupling (PCC) 
voltage or grid current without altering existing VSG structures. 
An odd-order repetitive control technique reshapes harmonic im-
pedance, supported by a grid-VSG harmonic impedance model. 
Two supplementary loops selectively suppress voltage/current  
harmonics, enhancing power quality management without external 
sensors or harmonic extraction modules. The method eliminates 
hardware additions while resolving VSG harmonic issues in  
micro-grids and large grids. Results demonstrate significant improve-
ments in harmonic mitigation, enabling energy storage VSG  
systems to partially replace active power filters (APFs). This  
approach offers a cost-effective solution for harmonizing renewable 
integration with grid stability, broadening VSG applicability. Key 
innovations include dual-loop adaptive harmonic suppression 
and impedance reshaping through modified repetitive control,  
advancing sensor-less power quality enhancement in modern power 
systems. The strategy effectively balances grid support functionality 
with harmonic management, facilitating scalable renewable energy 
adoption. 

Index Terms—Harmonic impedance reshaping, odd-order repetitive 
control, power conversion system, power quality, virtual synchronous 
generator. 

Nomenclature
VSG Virtual synchronous generator.
PCC Point of common coupling.
APF Active power filter.
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ORC Odd-order repetitive control.
RC Repetitive control.
PCS Power conversion system.
VI Virtual impedance.
THD Total harmonic distortion.
V2G Vehicle-to-grid.
PMR Proportional multi-resonant.
VPI Vector proportional-integral.
PLL Phase-locked loop.
PI Proportional-integral.
PWM Pulse width modulation.
vga,b,c(vg) Grid voltage.
voa,b,c(vo) PCS voltage.
iga,b,c(ig) Grid current.
ioa,b,c(io) VSG current.
Lg Grid impedance.
IGBT Insulate-gate bipolar transistor.
RL Linear load.
LC Nonlinear load filter.
LfCf PCS filter.
iLa,b,c(iL) Inductor currents of PCS.
vdc DC voltage.
idc DC current.
va,b,c Voltage of Cf .
θPLL Grid angle.
Pe Average active power.
Qe Average reactive· power.
ωc Power filter cutoff frequency.
Pm Mechanical power of VSG.
Pref Reference active power.
J Rotational inertia.
D Damping of the governor.
Kf Active power droop coefficient.
ωn Rated angular frequency.
ω Angular frequency of VSG.
θ Output angular of VSG.
Qm Total reactive power reference.
Qref Reactive power reference.
KV Reactive power droop coefficient.
KQ Excitation regulation coefficient.
Vref Reference voltage (peak).
V Grid voltage (peak).
Ep VSG internal electromotive force (peak).



258 CPSS TRANSACTIONS ON POWER ELECTRONICS AND APPLICATIONS, VOL. 10, NO. 3, SEPTEMBER 2025

eVSG VSG internal electromotive force.
mabc Modulation wave signals.
Gu(s) Voltage PI regulator.
Zv(s) VI-component.
kc Current proportional coefficient.
Gi(s) Closed-loop transfer functions.
Zo(s) Output impedance of VSG.
Zg(s) Grid impedance.
Z h

o VSG h-th harmonic impedance.
Z h

g Grid h-th harmonic impedance.
Mrc(s) RC internal model.
Morc(s) ORC internal model.
Gorc(z) ORC discrete implementation.
Ts Discretization time.
Pnon-load Nonlinear load power.
Lv , Rv VI parameters.

I. Introduction

WITH the rapid development of modern power systems, 
the integration of power electronic converters into micro-

grids and the main grid has introduced challenges such as 
reduced damping, weak inertia, and insufficient transient volt-
age support, which affect grid stability. The power conversion 
system (PCS), serving as the interface between energy storage 
devices and the grid/load, is a key component in energy storage 
systems. Among various control strategies, the energy storage 
virtual synchronous generator (VSG) is a promising solution 
to address these challenges[1], [2]. Moreover, the integration 
of nonlinear loads into distribution networks has worsened 
harmonic pollution, leading to significant power quality issues. 
These include increased line losses, transformer overheating, 
and mechanical vibrations, which threaten the stable operation 
of the grid. Therefore, further research on power quality man-
agement for energy storage VSGs is urgently needed.  

Fig. 1 illustrates the harmonic suppression strategies for 
different types of inverters, which will be discussed separately. 
Research on power quality harmonic suppression methods 
for converters has predominantly focused on grid-following 
converters. Since these converters are current-controlled sources, 
suppressing internal harmonics (self-generated harmonic cur-
rents) is relatively straightforward. Techniques from [3]-[5] 
can effectively mitigate the harmonic currents they produce. 
[6] proposed a direct adaptive control strategy, achieving effec-
tive harmonic suppression of grid-connected converter output 
currents. External harmonic currents can be compensated for 
by installing passive filters or centralized active power filters 
(APFs) [7]. However, these solutions may introduce resonance 
problems and require additional inductive/capacitive compo-
nents, which increase both system costs and maintenance com-
plexity. To independently suppress external harmonic currents 
caused by nonlinear loads, a harmonic current compensation 
based on frequency-domain repetitive control was proposed 
in [8], aiming to counteract the harmonic currents generated 
by nonlinear loads. Additionally, by applying appropriate PCC 

voltage feedforward control, the harmonic impedance of the 
inverter can be driven to infinity [9], significantly improving 
the power quality at the PCC point and providing some of the 
effects of an APF.

However, grid-forming energy storage converters exhibit 
voltage control characteristics, which differ from the current 
control characteristics of grid-following converters. As a result,  
traditional harmonic suppression methods designed for grid- 
following converters cannot be directly applied to energy storage  
VSG. Current research on power quality management for energy  
storage VSGs can be categorized into two main scenarios:  
islanded and grid-connected. 

In islanded mode, VSGs act as voltage sources and should  
maintain the highest possible output voltage quality. The control  
objectives for energy storage VSG in islanded operation are  
clear. [10] proposed using third-order general integrator strategies  
to separate harmonic currents, which are then combined 
with variable virtual impedance to provide voltage harmonic  
compensation fed forward into the modulation wave, thereby 
reducing output voltage THD. However, this strategy alters the 
VSG’s virtual impedance (VI), which is generally undesirable 
in practical applications, as VI also serves critical functions 
such as current limiting and grid strength adaptation, should  
not be easily changed. [11] proposed a control strategy involving 
adaptive VI to address this issue during fault conditions, thereby 
enhancing the VSG’s output voltage quality. [12] introduced 
a method based on impedance angle estimation, enabling  
optimized VI adjustments to improve the output voltage quality  
when multiple VSGs operate in parallel under islanded conditions.  
[13] proposed a VSG quasi-harmonic voltage feedforward 
control method based on the rated and sampled voltages, 
which significantly reduces the harmonic impedance of 
the VSG, bringing it closer to an ideal voltage source. This  
improvement enhances the output voltage quality; however, it 
does not provide the capability to optimize the output current 
quality. [14] utilized repetitive control and a voltage-current 
harmonic extraction module to obtain harmonic information. 
This information is then multiplied by a variable coefficient 
to reshape the VSG’s harmonic impedance, addressing the 
voltage harmonic suppression issue in islanded microgrids. 
However, this strategy does not account for hardware real-time 

Fig. 1. Different harmonic suppression methods.



259

constraints. Repetitive control itself is already resource-inten-
sive for digital processing controllers, and with the addition of 
the complex harmonic extraction module, there is a risk that 
the algorithm may not complete within the required time under  
high switching frequency conditions. [15] eliminated the voltage- 
current harmonic extraction and adopted PMR in the inner 
loop of the VSG. By setting different controller coefficients, 
voltage and current harmonics are compensated separately. 
This strategy involves more parameters, compared to [14], it 
significantly improves software running speed and enhances  
practical applicability. The strategy has been successfully  
applied in V2G interconnected systems. [16] proposed an  
optimization control strategy for off-grid energy storage  
converters based on the internal model principle of repetitive 
control. This strategy is simple to design and does not require  
harmonic current extraction; however, it has not been thoroughly  
tested on grid-forming energy storage converters and is limited 
to voltage harmonic suppression. Additionally, [17] compared  
the performance of model predictive control in suppressing VSG 
output harmonics under resistive load conditions, demonstrating  
lower harmonic distortion compared to conventional control.

In grid-connected, the situation becomes more complex, the 
power quality optimization objective can be divided into two 
aspects: 

●  Optimizing the converter’s output current;
●  Optimizing the converter’s output voltage. 
The issue then becomes whether the harmonic current flows 

to the grid or to the grid-forming energy storage converter. 
If the optimization goal is to optimize the converter’s output 
current, the majority of the harmonic current flows to the grid. 
However, if the goal is to optimize the converter’s output volt-
age, the majority of the harmonic current flows into the con-
verter, which then acts as an APF to supply harmonic current 
to the nonlinear loads. Based on this concept, [18]-[21] have  
established a harmonic impedance model for grid-forming 
energy storage converters and proposed a harmonic current 
distortion suppression method based on impedance shaping, 
which optimizes the grid current. These studies propose adding 
reactors at the PCC point to reduce the harmonic impedance 
between the PCC and the converter, thereby adapting to a 
wide range of grid impedance variations and optimizing the 
grid current. However, this strategy is challenging to imple-
ment in practice and requires additional hardware costs, such 
as low-latency data communication for relevant data acqui-
sition. If the goal is to optimize the PCC voltage, research 
on this subject is limited, the relevant strategies can refer to 
the control of grid-forming energy storage VSGs in islanded  
operation[10]-[16]. [22] proposed adding harmonic voltage 
and current feedback control loops into modulation wave based 
on the existing VSG control framework to suppress converter 
output voltage harmonics. This strategy requires external load 
current sampling to obtain current and voltage harmonics, and 
the design of harmonic feedback control loop parameters is 
complex, involving numerous control parameters.

Existing research primarily concentrates on harmonic 
extraction and impedance reshaping strategies, which incur 

additional hardware costs and require the integration of mul-
tiple harmonic extraction and calculation modules. This paper 
proposes a harmonic suppression controller for grid-forming 
energy storage converters, utilizing the internal model principle 
and harmonic impedance reshaping. The innovations of this 
paper are as follows: 

1) It respects the existing hardware design of energy storage 
converters and achieves PCC voltage optimization or output 
current optimization without adding extra voltage or current 
sensors.

2) Most previous studies have separated PCC voltage opti-
mization and output current optimization, requiring harmonic 
extraction modules[18]-[21]. The proposed control strategy in 
this paper does not require harmonic extraction modules. Users 
can flexibly choose to suppress current or voltage harmonics, 
and the controller parameter design is simple.

The structure of this paper is organized as follows: Section 
II formulates the system model under investigation and intro-
duces the impedance equivalent model of the energy storage 
VSG. Section III proposes a novel control, developed based on  
the impedance equivalent model, utilizing odd-order repetitive  
control. Section IV presents experimental validation of the  
proposed control strategy, demonstrating its accuracy and practical 
feasibility. Finally, Section V concludes the paper, summarizing  
the key findings and implications of the study.

II. System Structure and Equivalent Impedance 
Model

A. System Structure Under Study

The system configuration of the energy storage converter is 
depicted in Fig. 2. This simplified schematic outlines the con-
nection between the PCS and the grid. The left represents the 
PCS device, with its output side connected to the grid through 
the PCC. Positioned to the right of the PCC, the inductor Lg 
symbolizes the grid impedance.

B. Energy Storage VSG Control

Fig. 3(a) illustrates the main circuit diagram of the PCS. The 
circuit topology employs a three-phase six-switch structure, 
where S1 to S6 represent IGBTs, and Lf and Cf denote the filter 
inductance and filter capacitance, respectively. The system 
samples the DC voltage vdc, DC current idc, inductor currents 
iLa, iLb, and iLc, as well as the output currents ia, ib, and ic. The 
voltages on both sides of the AC switch are va, vb, vc, vga, vgb, 

Y. SUN et al.: QUALITY MANAGEMENT OF ENERGY STORAGE VSG BASED ON ODD-ORDER REPETITIVE CONTROL

Fig. 2. System diagram of the energy storage converter.

loads loads
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and vgc.
Fig. 3(b) illustrates the control strategy of the VSG. The  

energy storage VSG control algorithm consists several modules, 
including the phase-locked loop (PLL), power calculation and 
filtering, P-f loop, Q-v loop, VI, and dual closed-loop control.

The instantaneous electromagnetic power output from the 
VSG is calculated using the three-phase instantaneous power 
theory as shown in Fig. 3(b). The average electromagnetic 
power Pe and reactive power Qe of the VSG are derived by 
passing through a first-order low-pass filter with a cutoff  
frequency ωc.

In the P-f loop, the primary frequency regulation function is 
achieved by simulating the behavior of a synchronous generator  
governor. J and D represent the rotational inertia and damping 
of the governor, respectively. The mathematical expressions for 
these are:

Pm = Pref + Kf (ωn- ω)                           (1)

Pm represents the mechanical power of VSG, while Pref is the 
reference active power. Kf denotes the active power-frequency 
droop coefficient. ωn represent the rated angular frequency. In 
the P-f loop, the functions of inertia and damping are modeled 
by the rotor dynamics equation of a synchronous generator [1]. The  
mathematical expression for the first-order transfer function is:

            (2)

In the P-f loop, the expression for the VSG output angular 
velocity and angle is given by:

dθ = dt = ω                                         (3)

In the Q-v loop, the primary voltage regulation function is  

achieved by simulating the reactive power voltage droop charac-
teristic of a synchronous generator. Qm represents the total 
reactive power reference of the VSG, and its mathematical  
expression is:

Qm = Qref + KV (Vref - V)                               (4)

In the Q-v loop, the output voltage control is realized by 
simulating the excitation regulator of a synchronous generator. 
The mathematical expression is:

d                                  (5)

Within the Q-v loop, the reference voltage amplitude Ep 
is generated based on the output angle θ from the P-f loop. 
Through a coordinate transformation, the internal reference 
voltage for the VSG is derived. This reference voltage is then 
processed through VI and a dual closed-loop control to gener-
ate the modulation wave signals mabc. These modulation signals 
are compared with carrier signals, which ultimately producing 
pulse signals that control the switches S1 to S6.

C. VSG Equivalent Impedance Model

The equivalent voltage-current control diagram of the VSG 
in the abc coordinate system is depicted in Fig. 4. The internal 
electromotive force of the VSG, denoted as eVSG, is synthesized 
using eo and angle θ, as shown in Fig. 3(b). The voltage pro-
portional-integral (PI) regulator is represented by Gu(s), whose 
expression is provided in (6). Additionally, kc denotes the pro-
portional gain of current inner-loop. The kpwm represents the 
equivalent gain of the inverter bridge and can be considered a 
constant value of 1. Zv(s) is the VI component, and its expres-
sion is given in (7).

Fig. 3. Main circuit of PCS and VSG control block diagram. (a) Main circuit, (b) Control structure of VSG.
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                                 (6)

Zv(s) = Lv(s) + Rv                                  (7)

The closed-loop transfer functions of the current loop and 
voltage loop can be derived from Fig. 4 as follows:

L

L
                     (8)

u i

o            v

u i

o

VSG

         

 (9)

From (8) and (9), the voltage and current control loops of the 
traditional VSG can be equivalently modeled as a controllable 
voltage source with an external impedance, as shown in Fig. 5. 
Here, T and Zo are defined by (10).

u i

u i

u i

o

                     (10)

As illustrated in Fig. 5, the harmonic equivalent circuit of the 
VSG, load, and grid is further depicted in Fig. 6. The nonlinear 
load is modeled as a harmonic current source. In the absence of 
any special control, the harmonic impedance of the VSG, Zh

o(s), 
is equal to the grid impedance, Zo(s). The harmonic impedance 
of the grid is denoted as Zh

g(s) = Zg(s) .
 Based on (10), the bode plot of the output impedance of 

the VSG and the grid is shown in Fig. 7. In Zone 1, where the 
VSG output impedance is greater than the grid output imped-

ance, the grid absorbs a larger portion of the harmonic currents 
introduced by the nonlinear load. Conversely, in Zone 2, where 
the VSG output impedance is smaller than the grid output 
impedance, the VSG absorbs a larger portion of the harmonic 
currents from the nonlinear load.

If the harmonic impedance of the VSG can be adjusted 
across different harmonic frequency bands, it would enable 
effective harmonic suppression and allow targeted control of 
harmonic current flow. This capability would facilitate the 
achievement of various control objectives by optimizing the 
distribution of harmonic current, offering an adaptable solution 
for different operational conditions.

III. Harmonic Impedance Reshaping Strategy Based 
on Odd-Order Repetitive Control

A. Principle of Odd-Order Repetitive Control

The basic principle of odd-order repetitive control is derived  
from the internal model principle, which introduces poles corre-
sponding to targeted harmonic frequencies into the feedback 
loop. This internal model matches the dynamic characteristics 
of external periodic disturbance signals, enabling the control 
system to achieve near-zero steady-state error tracking for 
periodic reference signals and effectively suppress harmonic 
disturbances.

Fig. 8 presents a comparative illustration of the internal 
model structures used in traditional repetitive control (RC) 
and odd-order repetitive control (ORC). Here, u denotes the 

Fig. 4. Traditional VSG control equivalent voltage-current dual-loop control 
block diagram.

Fig. 5. VSG equivalent voltage source diagram.

Fig. 7. Bode plot of VSG output impedance and grid impedance.

Fig. 6. Harmonic equivalent circuit diagram of VSG, load and grid connection.
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reference input signal, y is the output of the controller’s internal 
model, To denotes the fundamental period of reference signal, 
and s denotes the differential operator.

The transfer functions of the internal models for the RC and 
ORC are given as follows:

                     (11)

                  (12)

As demonstrated in (11) and (12), the ORC utilizes To/2 stor-
age units per cycle, representing a 50% reduction compared to 
the RC implementation. This structural advantage significantly 
lowers computational complexity while reducing hardware 
processor load. To extend the analysis of Morc(s), the following 
derivation is presented:

            (13)

According to (13), Morc is equivalent to multiple parallel 
PR controllers, and its internal model characteristics cover the 
fundamental frequency and its odd-order harmonic frequency 
bands of sine signals. This feature provides a theoretical basis 
for optimizing and shaping the impedance characteristics of the 
VSG [23]. 

Fig. 9 illustrates a comparison of the amplitude-frequency 
responses of the RC and ORC. The results demonstrate that 
at odd harmonic frequencies, the bandwidth of ORC (ωorc) is  
twice that of RC (ωrc) [24]. This implies that when the frequency 
fluctuates, the controller based on ORC internal model has  
stronger adaptability than the controller based on the RC internal 
model.

As shown in Fig. 2, the harmonic components are predomi-
nantly odd-order. The ORC not only requires fewer hardware 
resources, but also delivers superior performance in harmonic 
suppression. Based on this observation, this paper proposes a 
harmonic impedance reshaping strategy based on odd-order 
repetitive control, to exploit its advantages in power quality 
management.

Since the controller design is implemented in the discrete 
domain, the ORC controller is implemented as shown in Fig. 10. 
The transfer function expression is provided in (14).

            (14)

The functions of each component in (14) are explained as 
follows:

●  e(z): Error signal;
●  y(z): Controller output;
●  kp: Proportional controller in parallel with the odd-order 

repetitive control;
●  kr: Internal gain coefficient of the odd-order repetitive 

control;
●  Q(z): Internal constant of the odd-order repetitive control-

ler, or a zero-phase low-pass filter;
●  S(z): Low-pass filter;
●  zm: Phase lead compensation;
●  N: Represents the sampling point period, where N = fs/fg, 

with fs being the switching frequency and fg being the grid fre-
quency.

The proportional controller kp effectively improves the dy-
namic response performance of the system, while the internal 
gain coefficient kr adjusts the amplitude of the output signal, 
to ensure stability. The internal constant Q(z) plays a crucial 
role in maintaining the stability of the system. The low-pass 
filter S(z) further enhances the system's stability by attenuating 
high-frequency gains. Furthermore, the phase lead compensa-
tion zm compensates for the phase delay introduced by S(z) and 
the controlled system, ensuring that the system’s phase charac-
teristics in the frequency domain meet the design requirements.

B. The Proposed Controller Design

The power quality management control strategy based on 
ORC is illustrated in Fig. 11. 

Compared with Fig. 3(b), the proposed control strategy  
achieves both voltage and current harmonic mitigation by adding  
only two simple loops and a three-way switch. When the 

Fig. 8. Internal models of repetitive control. (a) RC internal model, (b) ORC 
internal model.

Fig. 10. Odd-order repetitive control discrete domain implementation.

Fig. 9. Comparison of amplitude-frequency characteristics between RC and 
ORC.
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switch is in position 1, the energy storage converter operates 
in the traditional grid-connected mode; when in position 2, the 
converter activates the voltage harmonic suppression; and in  
position 3, the converter performs current harmonic suppression. 
The proposed strategy significantly simplifies the software 
structure, enabling multifunctional harmonic mitigation while 
enhancing system flexibility and adaptability. For the ORC  
parameter design, readers can refer to [25], [26].

C. Analysis of the Proposed Controller’s Capabilities

1) Voltage Harmonic Suppression Loop
The control block diagram of the voltage harmonic sup-

pression loop, based on ORC control strategy is shown in Fig. 
12. This loop is designed primarily as a voltage control loop,  
utilizing the ORC method. While the structure also allows for 
the addition of a current control loop in the subsequent stage, 
the focus of this paper is specifically on the design of the 
voltage loop. Thus, the current control loop is not discussed 
further in this study. This streamlined focus on the voltage loop 
ensures that the core functionality of the proposed strategy is 
fully explored, while the current loop remains a secondary con-
sideration for future research.

The output impedance of the voltage harmonic suppression 
loop is given by:

                (15)

Fig. 13 illustrates the magnitude-frequency characteristics 
of the output impedance Zo of the grid-forming power conver-
sion system and the grid output impedance Zg in the frequency 
domain. The blue curve represents Zo, which displays a notch 
filter characteristic at odd harmonic frequencies (e.g., 1st, 3rd, 

5th, etc.). In contrast, the red straight line represents Zg, which 
increases linearly with frequency. 

At those odd harmonic frequencies, the significant reduc-
tion in Zo and the relatively high Zg cause harmonic currents 
to flow primarily into the PCS for absorption and suppression. 
This behavior indicates that the PCS can effectively absorb 
harmonic currents at these frequencies by optimizing its output 
impedance characteristics. Consequently, the proposed strategy 
improves power quality and reduce harmonic pollution at the 
PCC.

2) Current Harmonic Suppression Loop
The control block diagram of the current harmonic suppres-

sion loop, based on the ORC strategy, is shown in Fig. 14. 
The output impedance of the current harmonic suppression 

loop is as follows:

             (16)

Fig. 15 shows the magnitude-frequency characteristics of the 
output impedance Zo and the grid output impedance Zg when 
using loop 3. At odd harmonic frequencies, Zo is significantly 
higher than Zg, causing the harmonic current to primarily flow 
into the grid rather than the PCS. This behavior indicates that 
by optimizing its output impedance characteristics, the PCS 
can effectively reject harmonic currents at odd harmonic frequen-

Fig. 11. The proposed control strategy.

Fig. 13. The Magnitude-frequency characteristic curve of the VSG voltage 
harmonic suppression.

Fig. 14. VSG current harmonic suppression control block diagram.

Fig. 12. VSG voltage harmonic suppression control block diagram.

Proposed
control
strategy

Loop 3: Current
harmonic suppression

Loop 2: Voltage
harmonic suppression
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Fig. 15. The magnitude-frequency characteristics curve of the VSG current 
harmonic suppression.
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cies, thereby improving the output current quality of the PCS.

IV. Experimental Verification
To evaluate the efficacy of the proposed control strategy, a 

DC/AC experimental platform was developed, as depicted in 
Fig. 16. The platform consists of essential components such as 
the power module, control and sampling cards, LC filter, line 
impedance module, voltage regulator, and oscilloscope. The 
power circuit parameters are listed in Table Ⅰ, and the control 
parameters are provided in Tables Ⅱ and Ⅲ.

A. Harmonic Suppression Capability of the Proposed Control 
Strategy

Fig. 17 presents the waveforms of the PCC point voltage, 
grid current, and VSG output current under various control 
strategies. The tested strategies include: 

(a) Operation with a nonlinear load connected without any 
optimization; 

(b) Application of loop 2 for PCC voltage optimization using 
ORC as the inner model; 

(c) Application of loop 3 for VSG current optimization using 
ORC as the inner model; 

(d) Application of loop 2 for PCC voltage optimization using 
RC as the inner model; 

(e) Application of loop 3 for VSG current optimization using 
RC as the inner model.

Fig. 18 illustrates the THD analysis of the PCC voltage, grid 
current, and VSG output current under various conditions. The 
results are as follows:

(a) THD when a nonlinear load is connected without any 
optimization;

(b) THD after implementing loop 2 for PCC voltage optimi-
zation using ORC as the inner model;

(c) THD after implementing loop 3 for VSG current optimi-
zation using ORC as the inner model;

Fig. 16. Hardware platform.

LC filter impedance

transformer

sampling card

Power card

DC source
TABLE II

VSG Control Parameters

TABLE I
Power Circuit Parameters

Parameter Value

DC voltage vdc 75 V

AC voltage RMS vg 38 V

Rated power Pn 300 VA

Line impedance Lg 3 mH

Linear load RL 4.8 Ω

Nonlinear load Rnon 12 Ω

Nonlinear load filter L 0.01 H

Nonlinear load filter C 0.001 F

Energy storage inverter Lf 1 mH

Energy storage inverter Cf 10 e-6 F

Filter damping resistor Rd 1 Ω

IGBT switching frequency 10 kHz

Parameter Value

Discretization time Ts 1/10 k

Rated angular frequency ωn 314 rad

Active power frequency droop coefficient Kf 47.7 W/rad·s-1

Inertia J 0.01*Ts  kg·m2

Damping coefficient D 0.5 Nm·s·rad-1

Reactive power voltage droop coefficient Kv 300 Var/V

Excitation regulator coefficient KQ 0.1*Ts

Virtual impedance Rv 0.1 Ω

Virtual impedance Lv 1 mH

Current loop proportional coefficient 𝑃 3

Voltage loop proportional coefficient PI 0.02  0.1*Ts

TABLE III
Proposed Controller Parameters

Parameter Value

Voltage harmonic suppression controller

kp 0.02

Q(z) 0.98

N 200

m 8

kr 0.01

Current harmonic suppression controller

kp 0.05

Q(z) 0.98

N 200

m 200

kr 0.08

S(z)
4 3 2

4 3 2

0.002 0.009 0.013 0.009 0.0022
2.69 2.87 1.4 0.26

z z z z
z z z z
+ + + +
− + − +
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(d) THD after implementing loop 2 for PCC voltage optimi-
zation using RC as the inner model;

(e) THD after implementing loop 3 for VSG current optimi-
zation using RC as the inner model.

Under linear load conditions, where no nonlinear loads are 
present, the PCC voltage, grid current, and VSG output current 
can maintain sinusoidal waveforms. However, when the sys-
tem is connected to a nonlinear load without any optimization, 
the THD of the PCC voltage increases to 6.32% (Fig. 18(a)), 
and both the grid current and VSG output current exhibit sig-
nificant distortion, with THD values of 6.38% and 13.29%, 
respectively. Furthermore, the distribution of harmonic currents 
is largely influenced by the output impedance of the VSG and 
the grid impedance. Without a control strategy, the harmonic 
current distribution remains unchanged, making it challenging 
to improve power quality.

When loop 2 (PCC voltage optimization using ORC as the 
inner model) is applied, the quality of the PCC voltage and grid 
current improves. The PCC voltage THD reduces from 6.32% 
(Fig. 18(a)) to 3.02% (Fig. 18(b)), and the grid current THD 
decreases from 6.38% (Fig. 18(a)) to 4.63% (Fig. 18(b)). How-
ever, this optimization strategy results in a higher THD for the 
VSG output current, which increases from 13.29% (Fig. 18(a)) 
to 18.71% (Fig. 18(b)), as more harmonic current is allocated 
to the VSG.

Switching to loop 3 (VSG current optimization) significant-
ly improves the VSG output current quality, with the THD 
decreasing from 13.29% (Fig. 18(a)) to 5.97% (Fig. 18(b)). 
However, this leads to an increase in the grid current THD, 

from 6.38% (Fig. 18(a)) to 12.23% (Fig. 18(b)), and the PCC 
voltage quality deteriorates, with the THD rising from 6.32% 
to 9.49%.

Additionally, the performance of the ORC and RC inner 
models is compared (Fig. 18(d) and (e)). Although the RC 
model offers similar performance in terms of THD reduction, it  
does not provide significant improvements over ORC, espe 
cially in terms of optimization. The THD values for the PCC 
voltage and VSG output current using RC (3.2% and 6.59%, 
respectively) are only marginally different from those achieved 
with ORC (3.02% and 5.89%). Moreover, the use of RC signi- 
ficantly impacts processor speed, making it a less desirable 
choice for this application.

In conclusion, the proposed control strategy demonstrates 
a trade-off between different optimization objectives: Loop 2 
focuses on optimizing the PCC voltage and grid current, while 
loop 3 prioritizes optimizing the VSG output current. The op-
timal choice depends on the system’s operational requirements 
and the specific power quality goals.

B. Subharmonics and Interharmonics Analysis

For power systems operating at a fundamental frequency of 
50 Hz, the instantaneous voltage and current waveforms ana-
lyzed by discrete fourier transform typically consist of various 
frequency components. Components at integer multiples of the 
fundamental frequency are defined as harmonics, while those 
at non-integer multiples of the fundamental frequency are 
termed interharmonics. Additionally, frequency components 
below the fundamental frequency are known as subharmonics, 

Fig. 17. Waveforms of PCC voltage, grid current, and VSG output current. (a) 
Loop 1, (b) Loop 2-ORC, (c) Loop 3-ORC, (d) Loop 2-RC, (e) Loop 3-RC. 

Fig. 18. THD analysis of PCC voltage, grid current, VSG output current. (a) 
Loop 1, (b) Loop 2-ORC, (c) Loop 3-ORC, (d) Loop 2-RC, (e) Loop 3-RC. 
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which can also be considered as interharmonics existing be-
tween DC and the fundamental frequency. In this study, exper-
imental data were recorded using an oscilloscope with a sam-
pling depth of 1 m. To meet the required frequency resolution 
for interharmonic measurement (5 Hz), continuous sampling 
over 10 fundamental periods (0.2 s for a 50 Hz fundamental) 
was performed. The sampled data were subsequently imported 
into MATLAB/Simulink for fast Fourier transform analysis. 

Fig. 19 shows the analysis of interharmonics and subhar-
monics in the PCC voltage before and after PCC voltage 
optimization. Before optimization, the maximum magnitude 
of subharmonics reaches approximately 0.35% of the funda-
mental component, while interharmonics reach around 0.4%. 
After optimization, the magnitudes of subharmonics and in-
terharmonics decrease, both dropping below approximately  
0.2%. This demonstrates that the proposed optimization strategy  
effectively mitigates both interharmonic and subharmonic 
distortion, significantly enhancing PCC voltage quality. Fig. 
20 illustrates the interharmonics and subharmonics in the VSG 

output current before and after optimization. Initially, the sub-
harmonic and interharmonic components in the current reach 
as high as approximately 0.5% and 0.4% of the fundamental 
component, respectively. After the proposed optimization, 
these magnitudes are significantly reduced, with the highest 
values of subharmonics and interharmonics falling below 
about 0.1%. This indicates that the proposed control method 
also effectively improves the VSG output current waveform, 
substantially reducing harmonic distortion.

The proposed method employs ORC, which provides a rel-
atively wide bandwidth as illustrated in Fig. 9. As a result, this 
approach exhibits low sensitivity to subharmonics and interhar-
monics caused by frequency fluctuations and achieves effective 
suppression. 

C. Robustness of the Proposed Control Strategy

To assess the robustness of the proposed control strategy, we 
evaluated its optimization effects on the PCC voltage and VSG 
output current under varying grid impedance and nonlinear 
load power conditions.

1) Grid Impedance Variation
Fig. 21(a) illustrates the optimization results for the PCC 

voltage as the grid impedance changes from 1 mH to 5 mH. 
Before optimization, the PCC voltage THD fluctuates signifi-
cantly with changes in grid impedance. However, after opti-
mization (using ORC), the PCC voltage THD is consistently 
maintained below 3%.

Fig. 21(b) presents the optimization results for the VSG 
output current under the same grid impedance variations. Prior 
to optimization, the minimum value of output current THD is 
10%, but after optimization (ORC), the maximum output cur-
rent THD remains below 6%.

Fig. 19. Analysis of interharmonics and subharmonics in the PCC voltage.

Fig. 20. Analysis of interharmonics and subharmonics in the VSG current.

Fig. 21. Comparison of optimization effects under grid impedance variations. (a) 
Loop 1 vs loop 2, (b) Loop 1 vs loop 3.

(a)

(b)
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2) Nonlinear Load Power Variation
Fig. 22(a) shows the optimization results for the PCC volt-

age as the nonlinear load power varies from 0 to 200 W. Before 
optimization, the PCC voltage THD increases approximately 
linearly with the nonlinear load power, reaching a maximum of 
9%. After applying ORC optimization, the PCC voltage THD 
is consistently kept below 3.5%.

Similarly, Fig. 22(b) shows the optimization results for the 
VSG output current under the same load power variations. Be-
fore optimization, the output current THD increases nearly lin-
early with the load power, peaking at 20%. After optimization, 
the output current THD does not exceed 8%.

The results obtained with RC optimization are similar to those 
from ORC; however, the optimization performance with RC 
is slightly inferior. These results clearly demonstrate that the pro-
posed power quality management strategy exhibits robust per-
formance. Despite parameter variations in the system, it effectively  
suppresses harmonics and maintains output power quality.

D. Dynamic Performance of the Proposed Control Strategy

To evaluate the dynamic performance of the proposed con-
trol strategy, the active power reference of the VSG is stepped 
from 100 W to 300 W. The following figures present the PCC 
voltage, VSG output current, and grid current under different 
control strategies: Fig. 23 shows the results for loop 1 (with-
out optimization); Fig. 23(a) presents the results for loop 2 
using ORC as the inner model (PCC voltage optimization); 
Fig. 22(b) shows the results for loop 3 using ORC as the inner 
model (VSG output current optimization); Fig. 24(c) demon-
strates the results for loop 2 using RC as the inner model (PCC 
voltage optimization); Fig. 24(d) illustrates the results for loop 
3 using RC as the inner model (VSG output current optimiza-
tion).

As observed in Figs. 22 and 23, the dynamic response time 
of the energy storage VSG remains consistently below 400 ms, 
regardless of the control method employed. This is consistent 
with the analysis presented in [27], which emphasizes that the 
dynamic response of VSG control is primarily influenced by 
the outer loop control. The proposed strategy modifies the inner  
loop, and thus does not affect the system's dynamic performance.

V. Conclusion
This paper proposes an odd-order repetitive controller based 

on the internal model principle, which reshapes the harmonic 
impedance of the VSG while preserving its fundamental func-
tions. This approach enhances the power quality management 
capability of the energy storage VSG. The proposed method 
allows for selective control of either voltage optimization or 
output current optimization, enabling the energy storage VSG 
to operate similarly to an APF without the need for additional 
external sensors, thus achieving “one machine with multiple 
uses”. Consequently, this technology can not only complement 
traditional APFs in power quality management but also offers 
great flexibility.
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Continuous-Control-Set Predictive Control and Noise 
Tolerance Strategy for Phase-Shift Modulation DAB 

Topological Clusters
Tianqu HAO, Jiazheng HUANG, Zheng DONG, Zhenbin ZHANG, and Qian CHEN

Abstract—A continuous-control-set predictive control strategy 
is proposed for the phase-shift-modulation dual-active-bridge to-
pological cluster. This strategy addresses two critical issues: high 
sensitivity to model parameters and sampling noise in traditional 
model predictive control. The steady-state error is analyzed in 
detail, considering model parameters and modeling methods. 
We establish a unified and simplified predictive model that is 
suitable for different dual-active-bridge topologies, reducing de-
pendence on model parameters and computational burden. To 
mitigate sensitivity to sampling noise, we design a noise tolerance 
enhancement strategy by redefining a coefficient in the simplified 
model. This strategy expands the noise tolerance range while 
maintaining excellent dynamic performance, low system cost, and 
computational burden. The proposed control strategy is verified 
by using an experimental platform with TMS320F28379D as the 
core controller. Results show that our strategy effectively reduces 
sensitivity to model and noise while ensuring excellent dynamic 
performance compared to traditional model predictive control. 
The strategy is universal and significantly reduces the computa-
tional burden. 

Index Terms—Dual-active-bridge topological cluster, model pre-
dictive control, noise tolerance, simplified model.

I. Introduction

RECENTLY, with the increasing integration of distributed  
power sources and energy storage devices into the grid, 

bidirectional isolated DC/DC converters have gained wide-
spread use in DC microgrids, electric vehicles, and photovol-
taic power generation [1]-[6]. These converters, such as du-
al-active-bridge (DAB) converters, dual-bridge-series-resonant 
converters (DBSRC), CLLC converters, and others, serve as 
interface devices for bidirectional power flow and have been 
extensively studied [7]. Among the various modulation strate-
gies for these topologies, phase-shift modulation stands out due 

Manuscript received March 04, 2025; revised April 23, 2025; accepted May 
26, 2025. Date of publication September 30, 2025; date of current version 
June 20, 2025. This work was supported in part by the Key Program of Joint 
Fund for Regional Innovative Development of the National Natural Science 
Foundation of China under the grant U23A20654. (Corresponding author: 
Zheng Dong.)

All authors are with Shandong University, Jinan 250061, China (email: 
haotianqu@sdu.edu.cn; 202334704@mail.sdu.edu.cn; z.dong@connect.polyu.
hk; zbz@sdu.edu.cn; qian.chen@mail.sdu.edu.cn).

Digital Object Identifier 10.24295/CPSSTPEA.2025.00021

to its advantages of a high degree of freedom, fixed switching 
frequency, and fast dynamic response. These advantages sim-
plify the design of magnetic components and enable multi-di-
mensional performance optimization, making it particularly 
suitable for high-power applications [8]-[10].  

In modern power systems, energy storage devices operate 
under uncertain conditions due to the randomness and vari-
ability of load operating conditions. To achieve better dynamic 
performance, DC/DC converters need to be equipped with 
effective control strategies. Model predictive control (MPC), 
a nonlinear control strategy, offers advantages such as fast dy-
namic response, multi-objective control, and easy integration 
of constraints. Consequently, MPC has found increasing use 
in power electronics control  [11]-[12]. Extensive research has 
been conducted on the application of MPC in various topol-
ogies, including DAB converters [13]-[14], DBSRCs [15]-
[16], and CLLC converters [17]. Research results indicate that 
the steady-state performance under MPC is highly influenced 
by the accuracy of the predictive model parameters [18]. Ad-
ditionally, even small sampling noise disturbances can lead to 
significant fluctuations in control variables [19]. Consequently, 
the extreme sensitivity to model parameters and sampling 
noise have emerged as two critical factors limiting the practical 
application of MPC in engineering.

Parameter identification and predictive model reconstruction 
are two key approaches to address the issue of high sensitivity 
to predictive model parameters in MPC strategies. For a multi-
DAB-module system, the impact of parameter mismatch on 
steady-state performance has been analyzed, then an online pa-
rameter identification method based on recursive least squares 
has been proposed [20]. This method successfully eliminates 
steady-state error in the output voltage caused by parameter 
mismatch. However, it is limited to specific DAB converters 
and lacks universality. Also, a model predictive power control 
(MPPC) strategy has been introduced [21], which relates the 
control variable solely to the input and output voltage. Howev-
er, this strategy requires an integrator to correct the output volt-
age, resulting in a potential degradation of system dynamics. 
For the three-phase DAB converter, a model-free discrete-con-
trol-set predictive control (MFPC) strategy has been proposed 
[22]. It uses the adaptive forgetting factor recursive least 
squares method to rectify the predictive model, achieving fast 
and unbiased control of the output voltage. However, precise 
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model is still needed to acquire the output current on the sec-
ondary side, and the calculation process is complex, imposing 
a heavy computational burden on the controller.

To mitigate the challenge of high sensitivity to sampling 
noise in model predictive control, current research focuses on 
improving processor performance, incorporating peripheral 
hardware filters, employing software filters, and reconstructing 
state space models. Yang [23] analyzed the impact of switch-
ing noise, quantization noise, and measurement noise on the 
control performance of DAB converters. They propose noise 
suppression methods such as increasing sampling frequency, 
reducing signal transmission delay, and raising the controller’s 
basic frequency. However, these solutions increase system 
costs and are not practical for engineering applications. The 
Kalman Filter algorithm [19] was introduced to enhance the 
robustness of continuous-control-set model predictive con-
trol by utilizing optimal estimated values of state variables 
instead of measurements, effectively addressing the influence 
of measurement noise. However, this system still relies on the 
Kalman Filter for steady-state state variable estimation, requir-
ing significant storage space and computing power. Babayomi 
[24] combined a hybrid cascaded extended state observer with 
model-free predictive control to improve interference and noise 
suppression capability. Nonetheless, compared to the control 
strategy proposed previously [19], this approach incurs higher 
computational costs.

In summary, existing work has limitations in addressing the 
challenges of high sensitivity to model parameters and sam-
pling noise in model predictive control. These shortcomings 
are as follows:

(i) Traditional parameter identification strategies result in 
complex predictive models, leading to a significant computa-
tional burden.

(ii) Current noise tolerance range improvement strategies 
struggle to strike a balance between dynamic performance, 
system cost, and computational burden.

(iii) The predictive models lack the ability to facilitate algo-
rithm transplantation across different topologies.

To address the challenges posed by model parameters and 
sampling noise in MPC schemes, this article presents a novel 
continuous-control-set predictive control strategy based on 
a simplified model. This approach effectively mitigates the 
control target deviation caused by model parameter mismatch 
and approximation errors in modeling methods. Moreover, 
it significantly reduces the computational burden on the con-
troller. Furthermore, the Kalman Filter algorithm is employed 
to correct the simplified model parameters instead of relying 
on real-time optimal estimation of sampling values. This inte-
gration enhances the accuracy of the model and contributes to 
improved control performance. In addition, a simple yet effi-
cient noise tolerance range improvement strategy is proposed 
to reduce the sensitivity to sampling noise in traditional model 
predictive control. This strategy achieves a balance between a 
fast dynamic response and a wide noise tolerance range. The 
proposed control strategy is versatile and applicable to various 
dual-active-bridge topological clusters.

The structure of this paper is as follows. In Section II, the 
working process of the isolated phase-shift modulation DC/
DC converter is analyzed. By considering the DBSRC as an 
example, the steady-state error of the system is quantified from 
two perspectives: model parameters and modeling methods. A 
unified simplified predictive model based on the Kalman Filter 
algorithm is then established. In Section III, the two-step con-
tinuous control set predictive control is employed to obtain the 
optimal control quantity. Additionally, a noise tolerance range 
improvement strategy is proposed by redefining the simplified 
model parameters, ensuring fast dynamic response and reduced 
computational burden. Section IV presents the experimental 
results. Finally, Section V concludes the paper.

II. Phase-Shift-Modulation Converters

A. Operating Process

The common phase-shift modulation control technique 
is utilized in various converters such as DAB converters, 
DBSRC, CLLC converters, among others. These converters 
adjust the phase-shift angle of the drive signals between the pri-
mary and secondary switches to regulate the phase difference 
between voltage and current in the energy storage components. 
This enables bidirectional power flow across a wide voltage 
gain range. Fig. 1 illustrates the topology cluster of phase-shift 
modulation converters, comprising two full bridge modules 
and an isolated energy storage unit. Each full-bridge module  
consists of four switches (S1-S4 and S5-S8) and four freewheeling  
diodes (D1-D4 and D5-D8). The isolated energy storage unit 
incorporates a high-frequency transformer with a ratio of 
n:1 and energy storage elements of different structures. It is  
important to note that different combinations of energy storage 
elements form different types of converters. The input-side and 
output-side filter capacitances are represented by C1 and C2, 
respectively. i2 denotes the current of the secondary full bridge 
module, while io represents the output current. I2 and Io is the 
average current of the secondary full bridge module and load, 
respectively, and the equation I2 = Io is hold.

Fig. 2 illustrates the operation waveforms of a DBSRC 

Fig. 1. Variation of cumulative index for islanding detection.
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under single phase-shift modulation. In this analysis, we 
consider the grouping of switches on the primary or sec-
ondary side full bridge, where a group consists of switch-
es such as S1 and S4. During the dead time preceding the 
switch conduction, the paralleled parasitic capacitors of 
the switches within the corresponding group undergo a 
charging process. Meanwhile, the complementary switches 
on the same side undergo a discharging process resulting 
in the switch terminal voltage reaching zero before open-
ing. This achieves a zero voltage switching (ZVS) condi-
tion. In Fig. 2, Ths represents half the switching cycle time,  
and ir denotes the current flowing through the resonant induc-
tor. By adjusting the phase-shift duty cycle, denoted as D, the 
magnitude and direction of power flow can be freely switched, 
offering flexibility in the operation of the converter.

Applying Kirchhoff’s current law to node A shown in Fig. 1, 
the differentiation of output voltage can be discretized by the 
forward Euler method as

        (1)

where Tc denotes the control cycle, which is usually set a few 
times higher than the switching cycle to reduce the computa-
tional burden in fixed-frequency phase-shift modulation con-
verters. Assuming zero loss of the converter, the value of I2 can 
be calculated using the ratio of transmitted power to the output 
voltage.

Using the transmitted power of DBSRC calculated pre-
viously [25], the deviation between the actual value and the 
reference value of output voltage in the k-th moment can be 
expressed as

            (2)

where Dopt represents the optimal phase-shift duty in the k-th 
moment under MPC strategy, and XLC represents the imped-
ance of the LC resonant tank. 

Substituting the above analysis process into other phase-shift 
modulation converters, we can obtain the output voltage devi-
ation of different topologies, as shown in Table I. Parameter L,  
XLC.all, and XLCL denote the impedance of the energy storage 

unit for the DAB converter, the CLLC converter and the LCL 
converter, respectively. It is worth noticing that the above  
parameters are the equivalent impedances reflected to the  
primary side from the secondary side.

B. Steady-State Error Analysis

In the design process of magnetic components for isolated 
DC/DC converters, the initial values of the inductance of the 
transformer and inductors are measured in the specific envi-
ronment (test frequency: 1 kHz; test current: 0.5 mA; ambient 
temperature: 25 ℃). Due to the long-term operation and the 
frequent load switching during the converter operation, prob-
lems such as high coil current, uncertain switching frequency, 
and heating of the magnetic core may occur, resulting in a sig-
nificant difference between the inductance coefficient AL of the 
magnetic core and the design reference value. This can cause 
the magnetic components of the converter to deviate from the 
initial measurement value during the actual operation, making 
it difficult to operate stably at the pre-designed working point. 
Meanwhile, due to factors such as modeling methods, switch 
losses, and dead time of complementary switch driving signals, 
the model accuracy can be affected and the transmission power 
of the converter under model predictive control cannot accu-
rately track the given value, even if there is no measurement 
bias in magnetic components.

Taking DBSRC as an example, we assume that the actual 
value of the resonant tank impedence and the output filter capac-
itor are XLC and C2, while the substitution values of both in the 
predictive model are XLC' and C2'. Ignoring modeling error tempo-
rarily, the output voltage reaches V2 in the steady state, i.e.,

         (3)

Parameters XLC' and C2' are introduced into the predictive 
model when the MPC algorithm operates in a digital signal 
processor. The optimal phase-shift duty cycle in the next mo-
ment should be set to keep the predicted output voltage equal 
to the given voltage V2*. Thus, we get

                  (4)

Fig. 2. Operating waveforms of DBSRC.

TABLE I
Output Voltage Deviation of Different Topologies

Topology Output voltage deviation
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The output voltage remains unchanged in the steady state, 
which means that V2(k+1) is equal to V2(k). Combining (3) and 
(4) gives

             (5)

where P is the transmitted power of DBSRC. It can be seen 
from (5) that the output voltage deviation increases as the 
transmitted power rises gradually.

In order to further explore the impact of model parameters, a 
surface graph is presented to show the influence of the resonant  
tank impedance and output side capacitance on the output voltage  
under the same transmitted power, which is shown in Fig. 3 
with the output voltage error expressed as error = (V2 - V2*) / 
V2* × 100%.

It can be concluded from Fig. 3 that: (i) the deviation of the 
output voltage is always zero as long as the resonant tank im-
pedance is accurate (see the red dotted line in Fig. 3); (ii) the 
inductance mismatch affects the voltage deviation regardless of 
the accuracy of the capacitance value; (iii) as the capacitance 
ratio of the model value to the actual value increases, the volt-
age deviation shows lower sensitivity to the inductance mis-
match.

Besides the impact of mismatch of the model parameters on 
the output voltage, the transmitted power deviation caused by 
modeling methods also makes it hard for the output voltage to 
track its given value. Ignoring parameter error temporarily, the 
output current I2 from time-domain analysis (TDA) can be ex-
pressed as [26]

       (6)

where Fn is the resonant ratio given by fs / fr. The resonant fre-
quency fr can be obtained from the resonant inductance Lr and 
capacitance Cr.

We assume that the inductance and capacitance are accurate 
to neglect the influence of model parameters mismatch. The 
predicted phase-shift duty cycle satisfies that the voltage in the 

next moment is equal to the given voltage V2* under funda-
mental harmonic analysis (FHA) while the actual voltage is V2, 
then we can obtain 

                    (7)

Combining (7) and (8) yields

            (8)

Fig. 4 shows the influence of the FHA method on the output 
voltage. Compared to the precise modeling based on power 
balance using the TDA method, it can be concluded that: (i) 
as the phase-shift duty cycle decreases, the voltage deviation 
is more susceptible to the resonant ratio; (ii) as the resonant 
ratio decreases, the voltage deviation is more susceptible to the 
phase-shift duty cycle; (iii) the output voltage steady-state error 
caused by FHA modeling method always exists.

According to the above analysis, we observe that: (i) the 
voltage deviation caused by the modeling method can be elim-
inated by utilizing the TDA method based on a precise power 
balance equation; (ii) the voltage deviation caused by both 
model parameters and modeling methods can be eliminated 
simultaneously by parameter identification. However, the com-
putational burden is relatively high due to the predictive model.

Apart from DBSRC, other types of converters also suffer 
from transmitted power deviation caused by the mismatch of 
model parameters and modeling methods, and the above con-
clusions still hold.

C. Simplified Model

For the various dual-active-bridge topologies, as shown in 
Fig. 1, the relationship between transmitted power and control 
quantity is different. Therefore, a unified predictive model 
cannot be constructed to meet the engineering requirements in 
various scenarios. Based on the analysis of the factors affecting 
the voltage deviation given in Section II.B, we propose here 
a unified simplified model that is suitable for the phase-shift 
modulation topology cluster, and the Kalman Filter algorithm 

Fig. 3. Output voltage deviation caused by model parameter variations. Fig. 4. Output voltage deviation caused by modeling method.
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is introduced to solve the correlation coefficients of the simpli-
fied model iteratively to achieve fast and unbiased control.

The deviation between the actual output voltage and the giv-
en value depends on the phase-shift duty cycle D and the out-
put current Io. When the average current on the secondary side 
I2 determined by D is equal to the output current Io, the output 
voltage reaches the given value, i.e., ΔV2 is zero. According 
to Table I, it can be seen that in the output voltage deviation 
models of different topologies, only the relevant term of D are 
distinct, while the coefficients of Io are the same, all of which 
are 1 / C2 fc. Considering the simplicity of calculation and the 
universality of the predictive model, the relevant term of D in 
the output voltage deviation can be simplified as a linear term. 
Therefore, in Table I, the output voltage deviation in discrete 
time can be simplified as

                    (9)

where Io (k) is the sampling value of the output current at the 
k-th moment, and D(k) is the calculated value of the phase-shift 
duty cycle at the k-th moment. Parameter G(k) represents the 
control gain, which is related to the actual operating condition 
of the converter at the current moment.

Generally, the voltage deviation of the resonant DC/DC con-
verter topology is affected by many factors and has significant 
nonlinear effects. If a linear simplified model with a fixed con-
trol gain is used to replace the complex nonlinear model which 
ignores the circuit parasitic parameters, the output voltage is 
difficult to track the reference value quickly and accurately due 
to parasitic parameters, model accuracy, operating power, and 
other factors under a fixed control gain. The magnitude of G(k) 
has a crucial impact on the control accuracy of the converter. 
Therefore, to eliminate the output voltage steady-state error, it 
is necessary to choose an appropriate G(k) according to specif-
ic operating conditions.

The parameter identification algorithm can eliminate the 
steady-state errors caused by circuit parameter variations and 
modeling methods simultaneously. Therefore, in order to cor-
rect the control gain in real time when ΔV2 is equal to zero un-
der different loads, we introduce the Kalman filtering algorithm 
to estimate G(k) accurately.  Expressing (9) in matrix form, the 
state predictive equation of the linear discrete system can be 
obtained as

                              (10)

where

                     (11)

According to (9)-(11), the linear simplified model based on 
the Kalman Filter is established as

   (12)

where P(k) is the covariance matrix of the estimation error at 
the k-th moment and K is the Kalman gain. R and Q represent 
the covariance matrices of measurement noise and process 
noise, respectively. It is worth  mentioning that the conver-
gence rate of the Kalman Filter is affected by the Kalman gain, 
in the range of 0 to 1 / H. When K is close to 0, the optimal 
state estimation relies more on the state estimation at the last 
moment. When K is close to 1 / H, the optimal state estimation 
relies more on the measurement value at this moment. 

In (12), the parameter y(k) , which is equal to ΔV2, can be 
measured directly. H(k), X(k-1), and P(k-1) can be obtained 
from the values at the last moment. X(k), P(k), and K(k) are the 
variables to be solved later, which can be obtained from (12). 
The offset-free model predictive control will be achieved by 
iterative correction of the control gain G(k). Due to the fact that 
only the variable G(k) in the first line of X(k) is unknown, the 
process of optimization estimation of X(k) can be simplified, 
thus alleviating the computational burden in the controller.

III. Continuous-Control-Set Predictive Control 
Using Simplified Model

A. Solution to Predicted Phase-Shift Duty Cycle

The model predictive control algorithm generally includes 
three segments: predictive model, rolling optimization, and 
feedback correction. The control sequence is continuously op-
timized to achieve fast dynamic response through updating the 
system state in real-time, solving the open-loop optimization 
issue online, and repeating the above processes at the next mo-
ment. The state-space averaging model of the converter can be 
used in the predictive model. According to (9), the discretized 
output voltage of the phase-shift modulation converter can be 
obtained as

           (13)

In single-step model predictive control, the controller aims 
to ensure that the output voltage at the next moment reaches its 
given value as soon as possible and solves the optimal phase-
shift duty cycle within this control cycle. The system’s operat-
ing process is shown in Fig. 5(a). The output voltage before the 
k-th moment deviates significantly from the given value, and 
the converter operates at maximum power with the phase-shift 
duty cycle being 0.5. The sampling value of the output voltage 
at the k-th moment is V2.cal(k). In order to achieve the output 
voltage of V2* at the (k+1)-th moment, the controller calcu-
lates the optimal operating trajectory and obtains the predicted 
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phase-shift duty cycle of D1. Considering the calculation time 
of the controller, the output voltage has risen to V2.rea(k) at the 
time of updating the phase-shift duty cycle. Thus, the output 
voltage cannot reach V2* at the (k+1)-th moment. Similarly, 
the optimal phase-shift duty cycle D2 calculated by V2.cal(k+1) 
at the (k+1)-th moment is updated when the output voltage is 
V2.rea(k+1). Thus, it still cannot satisfy the condition that V2.cal 
(k+2) = V2*. Under the single-step model predictive control, 
the actual output voltage gradually approaches its given value 
over time. However, the calculation speed is limited due to the 
cost of the controller. Since the controller’s calculation time is 
non-negligible, the output voltage cannot move along the pre-
dicted trajectory, and the dynamic performance of the system 
deteriorates.

To solve the problem of calculation delay, we adopt a two-
step model predictive control to compute the optimal phase-
shift duty cycle. According to (9), the output voltage deviation 
at the (k+1)-th moment can be obtained as:

    (14)

Combining (13) and (14), the predicted output voltage value 
at the (k+2)-th moment is

    (15)

The implementation process of the predictive control with a 
simplified model (SMPC) proposed in this paper is as follows: 

The controller calculates the optimal phase-shift duty cycle 
D1 at the k-th moment, and updates it at the (k+1)-th moment. 
At the same time, the optimal phase-shift duty cycle D2 at 
the (k+2)-th moment is calculated. The calculation process is 
shown in Fig. 5(b). This two-step predictive control algorithm 
predicts the optimal phase-shift duty cycle for the next time 
step at the current moment and updates it at the beginning of 
the next control cycle to ensure that the output voltage at the 
next step reaches the reference value as quickly as possible.

In (15), V2 and Io can be measured. D(k) is the optimal 
phase-shift duty cycle obtained at the last step, and G(k) can be 
obtained from (12). The change of load current is small within 
one control cycle, i.e., Io(k+1) = Io(k). The variable G(k+1) can-
not be measured directly, but its magnitude can be obtained by 
fitting the historical data. To reduce the computational burden, 
we only consider the term related to the control gain at the last 
moment, i.e.,

                        (16)

where β(k) is the fitting coefficient. Regarding (16) as the state 
predictive equation for discrete systems, the one-dimensional 
data-driven model based on Kalman Filter is established as

  (17)

By solving the optimal estimation of the Kalman gain Kβ, 
the prediction of G(k+1) can be achieved.

When the converter reaches the steady state, the control gain 
G no longer changes, at the operating point of G(k+1) = G(k). 
When a sudden change in load from 50% to 100% causes the 
system to break away from the steady state, the simulation of 
the change process of the fitting coefficient β is shown in Fig. 6.  
It can be seen that the change of β is extremely small during 
the harsh transient process. As the estimation process of β will 
increase the computational burden of the controller, G(k) can 
be approximated as G(k+1) in practice, which further simplifies 
the predictive model while ensuring dynamic performance.

B. Improvement of Noise Tolerance

When the measurement value of output voltage fluctuates 
due to sampling noise or low bit count of the controller’s A/

Fig. 5. Schematic diagram of system operation process under different MPC 
strategies. (a) Single-step model predictive control. (b) Two-step model 
predictive control.

Fig. 6. Simulation of β when the load changes.
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D converter, the measurement noise will be fed back to the 
predictive model, resulting in the change of the phase-shift 
duty cycle accordingly. When the system operates in the steady 
state, the measurement noise of the output voltage is δV2, and 
the resulting phase-shift duty cycle change is δD. According to 
(9), it can be obtained as

                   (18)

In practical circuit, the output filter capacitor C2 is designed 
as hundreds of microfarad and the control frequency fc is usu-
ally set in tens of kilohertz. According to (18), a tiny voltage 
fluctuation can cause D to jump between 0 and 0.5. When 
D jumps to a larger value, the device current of the switches 
increases significantly, resulting in increased switching loss. 
The energy storage unit needs to withstand higher voltage and 
current stresses and it accelerates device aging. When D jumps 
to a smaller value, the primary and secondary side switches 
cannot all achieve ZVS under non-unit voltage gain, resulting 
in reduced system efficiency. When the phase-shift duty cycle 
fluctuates between 0 and 0.5, the output voltage noise increas-
es, which is not conducive to the stable operation of the volt-
age-sensitive loads.

Assuming that the steady-state phase-shift duty cycle of the 
converter is 0.25, the relationship between normalized output 
voltage V2 / V2* and phase-shift duty cycle D can be plotted 
according to (18), as shown in Fig. 7. When the output voltage 
deviates from the reference voltage, the converter will transmit 
power at its maximum capacity (D = 0.5 or 0) to achieve fast 
response. When the output voltage approaches the reference 
value, the phase-shift duty cycle will vary linearly with the 
output voltage deviation. However, due to the extremely small 
linear region, a slight fluctuation in the output voltage sampling 
value can lead to a significant change in the phase-shift duty 
cycle. Meanwhile, the linear region gradually becomes narrow 
as the transmitted power of the converter decreases. Therefore, 
the key to achieving stable operation of the converter is to re-
duce the sensitivity of D to high-frequency noise.

We define the noise tolerance coefficient as Y, i.e.,

                                        (19)

Substituting (19) into (9), the output voltage deviation can 
be expressed as

                               (20)

When the system reaches the steady state, the phase-shift 
duty cycle is

                                     (21)

The correction of the control gain G ensures that the output  
voltage deviation is zero. Thus, the Kalman Filter algorithm can  
always obtain an optimal estimation of G to satisfy V2(k+2) 
= V2* for different Y values. The operating condition of the 
system remains unchanged under the same transmitted power 
and different values of the noise tolerance coefficient. Hence, 
the value of G increases or decreases proportionally with the 
change in the noise tolerance coefficient. According to (18), 
the phase-shift duty cycle can tolerate larger output voltage 
fluctuations in the linear region as the increment of G. Fig. 7(b) 
shows the relationship between the normalized output voltage 
and the phase-shift duty cycle for different values of noise 
tolerance coefficient when the normalized transmitted power 
is 1. It can be observed that the linear region becomes wide as 
the value of Y increases, which means that the sensitivity of 
D to δV2 decreases, and a higher tolerance of the system for 
high-frequency sampling noise is achieved.

AC sweepings based on PLECS are carried out for the 
steady-state point V1 = 100 V, V2 = 100 V, and RL = 20 Ω. Per-
turbations from 10 Hz to 10 kHz with amplitude of 0.01 V are 
superposed on the output voltage steady-state value V2 = 100 V. 
The closed-loop transfer function for DBSRC can be defined as

                                  (22)

where v2* is the injected perturbation of the reference output 
voltage. The sweeping results are presented in Fig. 8, show-
ing the closed-loop transfer function in the frequency domain 
with different values of Y. The noise tolerance coefficient has 
a negative impact on the system bandwidth. As the value of Y 
increases, it moves the pole to a lower frequency and the theo-
retical dynamic response time of the system slows down. Thus, 
it is not advisable to take a too large value of Y. 

The selection process of Y is as follows: Firstly, we should 
estimate the noise level. The content of quantization noise and 
measurement noise is higher, so we use the sum of them to ap-

Fig. 7. Relation between phase-shift duty cycle and normalized output voltage. 
(a) Under different power levels. (b) Under different values of noise tolerance 
coefficient. Fig. 8. Amplitude-frequency curves under different values of noise tolerance 
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proximate the sampling noise:

                      (23)

where the bit of ADC is n, with the maximum input voltage 
VREF, and Vmax is the full scale. VOS is the input offset voltage.

Then, we need to set a suitable Y to ensure δD fluctuates in a 
small range. According to (18) and (21) :

                                 (24)

where D is the steady-state phase-shift duty cycle, and Io is the 
steady-state output current. Obviously, the larger the Y is, the 
smaller degree the δD fluctuates in. We limit the value of δD to 
0.1 generally.

Besides, when the converter output power at maximum ca-
pacity (D = 0.5), ΔV2.m should be small enough to ensure the 
fast response in one control cycle

                              (25)

where ΔV2.m is the minimum value of the voltage error which 
makes D reach 0.5. The boundary of ΔV2.m can be set to 5 V. 

Finally, we get the range of Y. It is noted that the value of Y 
should be as close as possible to its maximum value to ensure 
the priority of noise tolerance.

Fig. 9 is the schematic diagrams of system operation process 
under different Y, which can further explain the simulation 
results. It is noted that the switching frequency is three times 
more than the control frequency. Fig. 9(a) shows the system 
operation process under Y = 1 / C2 fc, without the noise toler-
ance strategy, and Fig. 9(b) means that the converter operates 
under a higher coefficient Y. The black dots are the measure-
ment values which are affected by the sampling noise. The area 
between green dashed lines represents the maximum voltage 
range. When the sampling point exceeds the maximum voltage 
range, the converter will transfer power at its maximum capac-
ity and the phase-shift duty cycle will reach its boundary value. 
As the increase of Y, the maximum voltage range become larg-
er, and the phase-shift duty cycle is more difficult to reach its 
boundary value. Taking the blue area as an example, the con-
trol variable with noise tolerance strategy is smoother than that 
which satisfies Y = 1 / C2 fc. In addition, the inductor current 
is not symmetric in Fig. 9(a), which indicates that the trans-
former is faced with DC bias and saturate easily. However, the 
introduction of Y means that the actual voltage trajectory can 
not follow the predicted trajectory, and the dynamic response 
become slower. Therefore, the coefficient Y can be regarded 
as a weight coefficient to balance the dynamic response and 
robustness of the converter.

Fig. 10 shows the block diagram of the continuous-con-
trol-set predictive control based on the simplified model 
proposed in this article. Firstly, the output voltage V2 and 
output current Io are sampled, and the control gain G(k) 
can be calculated by the optimal phase-shift duty cycle Dopt 
(k) at the current moment, as shown in (12). Then, G(k) is 
substituted into the simplified model shown in (15), and the 
optimal phase-shift duty cycle Dopt(k+1) at the next moment 
is obtained. It is worth noting that D(k+1) in (15) can be 
replaced by Dopt(k+1). Finally, the phase-shift duty cycle is 
updated at the beginning of the next control cycle, and the 
corresponding triggering signals are generated by the phase-
shift modulator to regulate the switches.

IV. Experimental Validation
To verify the effectiveness of the proposed continuous-con-

trol-set predictive control strategy based on a simplified model, 
an experimental prototype is constructed, as shown in Fig. 11. 

Fig. 9. Schematic diagram of system operation process under different Y. (a)
Without noise tolerance strategy. (b)With noise tolerance strategy.

Fig. 10. Block diagram of SMPC.
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The experimental platform contains several RT-Unit full-bridge 
modules with TMS320F28379D controller. By changing the 
structure of the energy storage unit and the switching frequen-
cy, the universality of the proposed control strategy is verified 
for two topologies of DAB converter and DBSRC. The param-
eters of the experimental prototype are shown in Table II.

A. Dynamic Performance Comparison

With the load abruptly changing from 40 Ω to 20 Ω, Figs. 12 
(a)(c)(e) are the operation waveforms of the DAB converter 
under PI control, TMPC, and SMPC, respectively. Figs. 12(b)
(d)(f) are the operating waveforms of DBSRC under PI con-
trol, TMPC and SMPC, respectively. The results show that the 
recovery time and the voltage overshoot are the worst under PI 
control regardless of DAB converter (about 66 ms) or DBSRC 
(about 75 ms) among above three control schemes. However, 
for TMPC and SMPC schemes, both of them show excellent 
dynamic performance and the output voltage almost remains 

unchanged regardless of DAB converter or DBSRC. It can 
be observed that with the introduction of Kalman filter, the 
proposed SMPC scheme still maintains excellent dynamic per-
formance as the TMPC scheme does. All two MPC schemes 
demonstrate faster response than the PI control scheme.

B. Parameter Sensitivity Suppression

The reference voltage is set to 100 V and the load resistance 
has a constant value of 20 Ω. Fig. 3 and Fig. 4 indicate that 
both the mismatch of model parameters and modeling method 
affect the accuracy of the control target. We set an operation 
condition of 50% mismatch both on the energy storage com-
ponents impedance and the output side capacitance under 
the TMPC scheme, while the predictive model of the SMPC 
scheme is estimated by the Kalman Filter algorithm. The volt-
age sensors are calibrated under PI control to eliminate the 
output voltage deviation caused by measurement errors.

Figs. 13(a) and (b) are the operating waveforms under the 
TMPC scheme, while Figs. 13(c) and (d) are the operating 
waveforms under the SMPC scheme. The glitches of the out-
put voltage is caused by the switching action, and we avoid set-
ting he sampling points at the switching moment to reduce the 
interference of switching noise. It can be seen that the voltage 
deviation always exists under the TMPC scheme regardless 
of the DAB converter (about 0.75 V) or DBSRC (about 0.92 
V). By comparison, the proposed SMPC scheme demonstrates 
extremely high control accuracy for both topologies. The ex-
periment results prove that the proposed control strategy can 
effectively reduce the sensitivity of the output voltage to the 
predictive model.

Fig. 11. Experimental prototype.

Fig. 12. Dynamic performance comparison when load increases suddenly. (a) 
DAB converter, PI control. (b) DBSRC, PI control. (c) DAB converter, TMPC. 
(d) DBSRC, TMPC. (e) DAB converter, SMPC. (f) DBSRC, SMPC. (V1: 50 
V/div; V2: 20 V/div; Io: 2 A/div; ir: 10 A/div; time: 100 ms/div).

TABLE II
Parameters of Experimental Prototype

Topology Parameter Values

General
parameter

Input DC voltage (V1) 100 V

Output DC voltage (V2) 100 V

Transformer turn ratio (n) 1:1

Output filter capacitor (C2) 1640 μF

Load resistor (RL) 20/40 Ω

DBSRC

Switching frequency ( fs,1) 40 kHz

Resonant capacitor (Cr) 1.037 μF

Resonant inductor (Lr) 44.29 μH

DAB
converter

Switching frequency ( fs,2) 25 kHz

Series inductor (Ls) 44.29 μH

(a)                                                                       (b)

(c)                                                                       (d)

(e)                                                                       (f)
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C. Noise Sensitivity Suppression

According to the above analysis, the narrow noise tolerance 
range causes the large steady-state phase-shift duty cycle to 
fluctuate and leads to high current stress on the energy storage 
unit. Therefore, the magnitude of the current stress can reflect 
the noise tolerance capability of the system.

In the experiment platform, the controller TMS320F28379D 
has a 12-bit ADC module and the full scale is 3 V, thus the 
quantizer’s least significant bit is

                         (26)

When the rating sampling voltage is 400 V, the maximum 
quantization noise is

                (27)

According to the datasheet of the voltage sensor chip 
AMC1311B, the input offset voltage VOS =1.5 mV, thus the 
measurement noise can reach

                  (28)

Besides, the temperature drift of AMC1311 is 20 μV/℃, 
which is effected by the chip temperature. However, the ther-
mal noise is much smaller than the quantization noise and the 
measurement noise, so it can be ignored in the experiment.

Setting the load resistance from 40 Ω to 20 Ω, our experi-
ments are conducted under the proposed SMPC scheme for 
different values of the noise tolerance coefficient. Fig. 14 
shows the operating waveforms of the DAB converter (see 
Figs. 14 (a), (c) and (e)) and DBSRC (see Figs. 14 (b), (d) and 
(f)) with the noise tolerance coefficient value Y being 0.03, 0.06, 
and 0.12. It can be seen that the resonant current decreases by 
32.4 % when the noise tolerance coefficient increases from 0.03 
to 0.12 at the power of 250 W for the DAB converter, and the 
resonant current decreases by 32.9% at the power of 500 W 
under the same condition. The inductor current decreases by 
52.9% when the noise tolerance coefficient increases from 0.03 
to 0.12 at the power of 250 W for DBSRC, and the inductor 
current decreases by 33.5% at the power of 500 W under the 
same condition. Obviously, the proposed SMPC scheme can 
significantly improve the noise tolerance capability and reduce 
the current stress of energy storage unit without weakening the 
dynamic performance, which means smaller switching turn off 
current and higher system efficiency.

D. Comparison of Running Time

Figs. 15(a) and (b) show the running time of different stages 
in one control cycle for DAB converter and DBSRC. Compared  
to the TMPC scheme, the computational time of the DAB 

Fig. 13. Steady-state performance comparison under two different MPC 
strategies. (a) DAB converter, TMPC. (b) DBSRC, TMPC. (c) DAB converter, 
SMPC. (d) DBSRC, SMPC. (V2: 1 V/div; Io: 2 A/div; ir: 10 A/div).

Fig. 14. Current stress comparison under different noise tolerance coefficients. (a) 
DAB converter, Y = 0.03. (b) DBSRC, Y =0.03. (c) DAB converter, Y = 0.06. (d) 
DBSRC, Y =0.06. (e) DAB converter, Y = 0.12. (f) DBSRC, Y = 0.12. (V2: 20 
V/div; Io: 2 A/div; ir: 10 A/div; time: 20 ms/div).

Fig. 15. Running time of different stages in one cycle. (a) DAB converter; (b) 
DBSRC.

(a)                                                                      (b)

(c)                                                                      (d)

(a)                                                                      (b)

(c)                                                                      (d)

(e)                                                                      (f)
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converter and DBSRC under SMPC have reduced by 29% 
and 51%, respectively, and the control target deviation is elim-
inated completely. Meanwhile, the proposed strategy requires 
fewer sensors (no input voltage sensor), which implies that 
the running time can be further reduced. Although the running 
time under SMPC is longer than PI control, it has much better 
dynamic performance with the same sensors.

V. Conclusion
This paper proposes a continuous-control-set model predic-

tive control strategy based on a simplified model that is suit-
able for different dual-active-bridge topologies under phase-
shift modulation. The proposed strategy effectively solves the 
problem of the high sensitivity of the model predictive control 
to both model parameters and sampling noise with a high level 
of portability. Compared to the traditional model predictive 
control, the proposed control strategy does not result in steady-
state error caused by model parameter variations and mod-
eling methods. By regulating the noise tolerance coefficient 
of the simplified model, the system’s noise tolerance range is 
significantly widened, while the converters can still maintain 
excellent dynamic performance, and the computational burden 
of the controller is significantly reduced. Experimental results 
verify the effectiveness of the proposed control strategy.
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Design and Optimization of High Misalignment 
Edge-Enhanced Stepped Coil Structure for Dynamic 

Wireless Power Transfer System
Chenxi ZHANG, Zhongqi LI, Jianbin WANG, and Changxuan HU

Abstract—In order to address the issue of mutual inductance 
variation in dynamic wireless power transfer systems for electric 
vehicles, which leads to significant fluctuations in system output, 
an edge-enhanced stepped coil structure is proposed to improve 
the system’s anti-offset performance. Firstly, a model of the edge- 
enhanced stepped coil structure has been constructed, and the 
characteristics of mutual inductance variation for this structure 
have been analyzed. Secondly, a method for calculating mutual 
inductance in a stepped coil structure is proposed based on the 
Biot-Saval law. Then, based on the proposed method for calcu-
lating mutual inductance in stepped coils, the parameters of the 
edge-enhanced stepped coil structure are optimized according to 
the principle of minimizing fluctuations in mutual inductance. 
Additionally, a magnetic core structure that aligns with the coil’s 
characteristics is designed to enhance both mutual inductance 
and the coil’s resistance to offset performance. Finally, a 500 W 
experimental prototype has been constructed. The experimental 
results show that the mutual inductance fluctuation rate of the 
edge-enhanced stepped coil does not exceed 5% when the Y-axis 
direction is offset by 50% (362 mm) of the outer diameter of the 
transmitter coil. The transmission efficiency of the system is as 
high as 93.92%, and the fluctuation rate of the output current is 
less than 5%. 

Index Terms—High misalignment tolerance; mutual inductance 
calculation; stepped coil structure; wireless power transfer.

I. Introduction

WIRELESS power transfer (WPT) technology enables the 
non-contact transfer of energy using electromagnetic 

fields and alternative media, providing an innovative solution 
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to the safety and convenience issues associated with traditional  
contact charging methods [1]–[3]. WPT technology has attracted  
considerable attention from researchers both domestically and 
internationally due to its remarkable flexibility, high safety 
and reliability, and its ability to function effectively in harsh 
environmental conditions. Currently, WPT technology has 
been successfully applied across various domains, including 
underwater power supply systems for equipment [4]–[6],  
consumer electronics [7]–[9], and intelligent rail transit  
systems [10]–[11]. 

In dynamic WPT, positional shifts of the coupling coil result 
in variations in mutual inductance between the coils. These 
fluctuations negatively impact the stable operation of the WPT 
system, presenting challenges to its reliability and safety [12]–
[14]. In response to the aforementioned issues, researchers have 
conducted extensive studies on the anti-offset performance of 
coils, with the goal of improving the stability and reliability of 
the system when the coil position is misaligned. Consequently, 
investigating coil structures that exhibit quasi-constant mutual 
inductance is of great significance.

The classification of coils depends on the number of coils 
present. Coils can be categorized as either single-coil or multi- 
coil structures. The magnetic field produced by the single- 
coil structure is unidirectional. Consequently, when the coil is 
misaligned, the positive area of the coil decreases, leading to 
a reduction in positive magnetic flux. When the misalignment 
reaches half the diameter of the transmitting coil, there is not 
only a decrease in positive magnetic flux but also the emer-
gence of negative magnetic flux, which compromises the an-
ti-offset performance. The offset performance of the single-coil 
structure is enhanced through the optimization of coil size [15]–
[17], turn spacing and core structure [18]–[20].

The multi-coil structure leverages the spatial superposition 
of multiple coils, employing the principle of magnetic field 
superposition to enhance effective coupling and improve the 
coil’s resistance to offset performance. A team from the Uni-
versity of Auckland, New Zealand, proposed a double-D (DD) 
coil, which consists of two unipolar coils connected in series 
and placed side by side. They also incorporated an orthogonal 
Q-type coil into the DD coil to create a double-D quadrature 
(DDQ) coil structure. This design effectively compensates 
for the induction blindness inherent in the DD coil [21]. In 
addition, to reduce consumable materials, the team proposed 
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the bipolar (BP) coil structure in [22] and the tripolar (TP) coil 
structure in [23], utilizing coil stacking. This approach can en-
hance the coil offset performance to some extent.

Researchers have investigated more advanced coil structures 
by employing modular combination strategies. One nota-
ble design is the double-layer quadrature double-D(DQDD) 
structure, which consists of two pairs of DD coils arranged 
orthogonally in a double-layer configuration. This arrangement 
facilitates decoupling between the coils and creates a periodic 
variation in the excited magnetic field. However, the DQDD 
structure exhibits a coupling coefficient fluctuation of 55% un-
der a horizontal offset of 150 mm, indicating that its anti-offset 
performance is insufficient to withstand significant positional 
shifts [24]. In addition to the above magnetic field superposi-
tion approach, researchers have exploited the feature that the 
reverse series coil has the opposite tendency to the forward coil 
with coil offset to achieve a largely constant mutual inductance 
during coil offset. A multi-receiver reverse series coil structure 
has been proposed, and by optimizing the forward and reverse 
series coils, the mutual inductance fluctuation is only 3.81% 
when the coil is offset by 34% (225 mm) of the maximum coil 
outer length [25].

In summary, most current coil structures accommodate a 
limited offset range during static charging. However, there are 
issues related to the small maximum allowable offset distance 
of the coupling coil and the significant fluctuations in mutual 
inductance that occur during coil offset in dynamic wireless 
power transfer. The contributions of this paper are as follows:

1) An edge-enhanced stepped coil structure is proposed, an 
edge-enhanced stepped coil structure model is dissected, and 
the mutual inductance characteristics of the edge-enhanced 
stepped coil structure are analyzed.

2) Stepped coils are modelled and a method for calculating 
the mutual inductance of stepped transmitting coils and rectan- 
gular receiving coils based on the Biot-Saval law is proposed.

3) An optimisation strategy based on the principle of min- 
imising mutual inductance fluctuations is proposed, aiming to 
optimise the coil sizing parameters and core sizing parameters, 

with the objective of achieving the maximum coil offset dis-
tance of 50% of the length of the outer diameter of the trans-
mitting coil and a mutual inductance fluctuation rate of less 
than 5%.

4) The 500 W experimental prototype is built, and the ex- 
periment proves that the proposed coil structure has good anti- 
offset performance, and the output of the system is smooth.

In this paper, the structural model of the edge-enhanced 
stepped coil is given and analyzed in Section II. The formula 
for calculating the mutual inductance of the stepped coil in 
Section III. The experimental verification in Section IV. Final-
ly, the conclusions are shown in Section V.

II. Edge-Enhanced Stepped Coil Structure

A. Structure Model

In this paper, an edge-enhanced stepped coil structure is 
proposed in order to achieve a larger limit offset range of the 
coupling coil in dynamic wireless power transfer system and 
to keep the mutual inductance quasi-constant within the limit 
offset range. The EESC structure employs a stepped coil as the 
main coil and applies the principle of magnetic field superpo-
sition to introduce isotropic series compensation coils at the 
edges of the stepped coil, with the objective of enhancing the 
mutual inductance at the edges of the main coil. A three-dimen-
sional representation of the EESC structure is presented in 
Fig. 1(a). The transmitter coil (Tx) consists of a step coil (Tx1) 
and two compensation coils (Tx2 and Tx3),compensation 
coils are arranged in a stacked configuration along step coil 
in the Y-axis direction. The receiving coil (Rx) is a rectangu-
lar coil.

The plan view of the EESC coil structure is illustrated in 
Fig. 1(b). The coil parameter variables are defined as follows: 
L1, L2, and L3 will be used to denote the length of the stepped 
coil Tx1. W1, W2, and W3 will be used to denote the width of the 
same coil. Ltxs and Wtxs will be used to denote the length and 
width of compensation coils Tx2 and Tx3, respectively. Lrx and 
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Y

Rx

Tx2

Tx1

Tx2 Tx2 Tx1
Tx3 Rx
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X

Y

Fig. 1. EESC structure diagram. (a) 3D structural model. (b) Top view of structure.
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Wrx will be used to denote the length and width of the receiver 
coil Rx, respectively. In order to guarantee optimal anti-offset 
functionality when the coils are offset, compensation coils are 
of identical dimensions and arranged in a symmetrical fashion 
to align the outer edges of the main coils.

The stepped coil is designed with three distinct levels, which 
progressively extend along the Y-axis and result in an increased 
coil width along the X-axis. This design effectively increases 
the positive overlap area between the transmitting and re-
ceiving coils when an offset occurs. Consequently, a larger 
longitudinal flux passes through the coils, enabling the mutual 
inductance to be preserved to a significant extent. Compared to 
conventional rectangular coils, the stepped coil demonstrates 
enhanced anti-offset performance, making it a more robust op-
tion for dynamic wireless power transfer systems.

B. Mutual Inductance Characterisation of Coil Structures

To evaluate the anti-offset performance of the EESC struc-
ture, a simulation model was developed using ANSYS Max-
well software. The magnetic field distribution is simulated in  
the Y-axis, as illustrated in Fig. 2. ∆Y denotes the offset distance 
along the Y-axis direction, Ltx-o denotes the outer diameter 
length of the transmitter coil.

When the transmitting and receiving coils are perfectly 
aligned (∆Y = 0) in Fig. 2(a), the transmitting coil generates a 
longitudinal magnetic flux that passes vertically through the 
receiving coil, facilitating effective coupling between the coils. 
As the receiving coil offsets along the positive Y-axis (∆Y = 
0.25Ltx-o) in Fig. 2(b), it gradually shifts from the center toward 
the edge. During this shift, the area directly opposite the re-
ceiving coil on compensating coil Tx2 decreases, while the area 
directly opposite compensating coil Tx3 increases. Through the 
principle of magnetic field superposition, this redistribution 
enhances the total magnetic flux across the three coils, thereby 
increasing the mutual inductance. When the offset continues in 
a positive direction along the Y-axis (∆Y = 0.5Ltx-o) in Fig. 2(c), 
the longitudinal flux through the receiving coil Rx gradually di-
minishes. Consequently, the total magnetic flux and the mutual 
inductance between the coils also decrease.

Fig. 3 shows the mutual inductance variation curves for 
horizontal offset along the positive direction of Y-axis between 
the receiving coil Rx and the main coil Tx1, the compensation 
coil Tx2 and the compensation coil Tx3, respectively. The mutual 
inductance expression between the EESC coupling mechanism 
is shown in (1).

MTX-RX = MTX1-RX + MTX2-RX + MTX3-RX                 (1)

where MTX−RX is the mutual inductance between Tx and Rx, MTX1-RX 
is the mutual inductance between Tx1 and Rx, MTX2-RX is the mutual  
inductance between Tx2 and Rx, and MTX3-RX is the mutual  
inductance between Tx3 and Rx.

As the offset distance increases, MTX1-RX and MTX2-RX gradually 
decrease, MTX3-RX exhibits a significant increasing trend. The 
MTX-RX remains basically stable in the limit offset range. During 

Fig. 2. EESC magnetic field diagrams at offset along the Y-axis direction. (a) ΔY 
= 0. (b) ΔY = 0.25Ltx-o. (c) ΔY = 0.5Ltx-o.

Fig. 3. Variation curves of mutual inductance at offset along the Y-axis direction.
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the coil offset process, the magnetic field superposition prin-
ciple is used to superimpose the magnetic flux through the 
receiving coil to form a region where the mutual inductance 
of the coils increases and then decreases. This ensures that the 
mutual inductance between the coils is quasi-constant.

III. Calculation of Mutual Inductance of Stepped 
Coils

In order to study the working mechanism of the EESC 
structure under different offsets and its offset characteristics, it 
is necessary to create a model of the coil structure. However, 
there is currently no established methodology for calculating 
the mutual inductance of stepped coils. Such a model would 
provide a theoretical foundation for understanding the perfor- 
mance of the EESC structure and optimizing its design for 
improved anti-offset capabilities.

As shown in Fig. 4, the transmitting coil is a stepped coil, the 
receiving coil is a rectangular coil. l1, l2, and l3 are the lengths 
of the different echelons of the stepped coil. w1, w2, and w3 are 
the widths of the different echelons of the stepped coil. l4 and 
w4 are the lengths and widths of the rectangular receiving coil. 
s1 is the vertical distance between the stepped coil O1 and O. s2 
is the vertical distance between the rectangular coil O2 and O1.

Setting any point P(x, y, z) in the plane of the receiving coil, 
the magnetic flux density generated by the transmitting coil at 
P inside the receiving coil can be expressed according to the 
Biot-Saval law:

d                                (2)

where µ0 is the magnetic permeability in vacuum, I is the cur-
rent on the transmitting coil, C′ is the curve enclosed by the 
transmitting coil, Id  denotes the current element,  is the dis-

tance vector from any point P to the current element. Id  ×  
can be calculated in (3) to (5).
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Fig. 4. EESC structure diagrams.
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The magnetic flux density generated by each line segment of 
the stepped coil at any point P can be obtained by substituting 
(4) into (1). The magnetic flux density at any point P in the 
Z-axis direction can be expanded according to (1) as follows:

ab
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mn

               (18)

no

                   (19)

op

                   (20)

pq

                   (21)

qr

                (22)

rs

            (23)

st

            (24)

ta

         (25)

where the expressions for Ra, Rb, Rc … Rs, Rt are as folllws:

        (26)

        (26)

In summary, the total flux density Btotal in the Z-axis direction 
of the flux density generated by the transmitting coil at any 
point P is shown in (27).

Btotal = Bab + Bbc + Bcd + Bde + Bef + 
           Bfg + Bgh + Bhi + Bij + Bjk + 
           Bkl + Blm + Bmn + Bno + Bop + 
           Bpq + Bqr + Brs + Bst + Bta 

                  (27)

According to the flux density method, the mutual inductance 
between a single-turn stepped transmitting coil and a single- 
turn rectangular receiving coil is calculated as follows:

s
                                   (28)

where s denotes the area where the receiving coil is located, I 
denotes the current on the transmitting coil.
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In order to facilitate the numerical calculation, the rect- 
angular receiving coil is subdivided, it is assumed that the 
magnetic flux density at each place in each small rectangle 
after subdividing is uniformly distributed, which is equal to 
the magnetic flux density at the centre of the small rectangle. 
The length l4 of the receiving coil is subdivided into NL parts, 
the width w4 of the receiving coil is subdivided into NW parts, 
and the length and width of the subdivided small rectangle are 
dL and dW, respectively. The mutual inductance between single 
turn coils is calculated as follows

                            (29)

When the stepped coil calculates the mutual inductance of 
the n-th turn to the rectangular receiving coil, in order to ensure 
that the shape of the stepped coil remains unchanged, the inner 
diameters of the transmitting coils l2, w1, and w2 remain un-
changed, and l1, l3, and w3 satisfy the following rule of law:

l1_N = l1 + 2(N-1)Rline                           (30)

l3_N = l3-2(N-1)Rline                           (31)

w3_N = w3 + 2(N-1)Rline                         (32)

where l1_N, l3_N, and w3_N are the lengths of the N-th turn l1, l3, 
and w3, respectively, and Rline is the wire diameter.

According to the superposition theorem, the following 
for-mula for calculating the mutual inductance between multi-
turn rectangular coils can be obtained:

                                 (33)

where NT denotes the number of turns of the transmitting coil, 

NR denotes the number of turns of the receiving coil, and Mmn 
denotes the mutual inductance between the m-th turn of Coil1 
and the n-th turn of Coil2.

IV. EESC Coil Optimisation
The mutual inductance M is taken as the optimisation objec- 

tive, the parameters of the EESC structure are optimised based 
on the principle of minimum mutual inductance fluctuation in 
order to achieve a strong anti-offset performance. To ensure 
the mutual inductance and anti-offset performance of the coil 
structure, the coil structure parameters and core parameters 
are optimised respectively. Firstly, the coil parameters are op-
timised to find the coil structure parameter matrix that meets 
the requirements. Secondly, the core structure is analysed on 
the basis of the coil parameters and the optimisation of the core 
size parameters is completed.

A. Optimisation of Coil Parameters

1) Objective function
The key parameters influencing the mutual inductance M of 

the coil are analyzed and optimized, specifically focusing on 
the dimensional parameters of the coil structure.

M = f (L1, L2, L3, W1, W2, W3, Ltxs,
           Wtxs, Lrx, Wrx, Ntx, Ntxs, Nrx)

                (34)

2) Setting constraints
The mutual inductance M of the coil is dependent on both the 

inner diameter and the number of turns. The constraints on the coil 
structure are determined based on the practical application. The 
range of coil parameters to be optimized is presented in Table I.

3) Coil parameter optimisation process

TABLE I
Optimised Range of EESC Structural Parameters

Parameters Optimisation Scope

L1 50 ～ 150 mm

L2 50 ～ 150 mm

L3 300 ～ 400 mm

W1 100 ～ 200 mm

W2 100 ～ 200 mm

W3 100 ～ 200 mm

Lrxs 50 ～ 100 mm

Wrxs 500 ～ 600 mm

Lrx 400 ～ 500 mm

Wrx 500 ～ 700 mm

Ntx1 5 ～ 15

Ntxs 15 ～ 25

Nrx 15 ～ 25

Y Y

Y

Y Y

Fig. 5. Flowchart for the coil parameter optimization.
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The parameter optimization of the EESC structure is con- 
ducted based on the principle of minimizing mutual inductance 
fluctuations. This optimization ensures that the mutual induc- 
tance and its fluctuation rate meet the specified requirements 
when the coil is offset at various positions. The mutual induc-
tance fluctuation rate is defined as the rate of change in mutual 
inductance when the coil is displaced along the Y-axis. The 
formula for this fluctuation rate is as follows:

Y
Y                            (35)

where M0 denotes the mutual inductance between the coils 
when they are aligned, MΔY denotes the mutual inductance be-

tween the coils when the coil are offset in the Y-axis.
The optimization flow chart of coil parameters based on the 

principle of minimum mutual inductance fluctuation is shown 
in Fig. 5.

The specific steps of the optimization process are as follows: 
First, the transmission distance D between the coils is set to 
150 mm, the wire diameter is 4 mm, the mutual inductance 
fluctuation rates ε*

Y1 are set to 5%. Second, relevant constraints 
are established according to the range of coil parameters pro-
vided in Table I. Next, the optimized parameters are traversed 
to calculate the mutual inductance M at various positional 
offsets. The mutual inductance fluctuation rate εY1 is calculated 
according to (35). εY1 is judged whether satisfies εY1＜ε*

Y1, when 
it satisfies the above conditions, the corresponding parameter 
matrix is saved. If the result is not satisfied, the program tra-
verses the next set of parameters.

Finally, after all parameters have been traversed, the output 
meets the required coil parameter matrix for the subsequent 
core optimization process. By optimising the parameters of the 
EESC structure, the dimensional parameters of the transmitter- 
side coil and receiver-side coil are shown in Table II.

B. Optimisation of Core Parameters

In order to improve the offset resistance of the coil structure 
and the mutual inductance between the coils, magnetic mate- 
rials are usually added to the coupling coils. The common 
magnetic materials are ferrites. In this section, in order to de-
sign a core structure that fits the changing characteristics of the 
mutual inductance of the coils, the influence of different shapes 
of the core structure on the mutual inductance of the coils is 
analysed on the basis of the EESC structure, the parameters of 
the core structure are optimised after the shape is determined. 
The evolution of the core structure is shown in Fig. 6. Fig. 
6(a) shows the traditional non-skeletonised core structure with 
mutual inductance denoted as M1; Fig. 6(b) shows the sepa-
rated core structure with mutual inductance denoted as M2; Fig. 
6(c) shows the separated skeletonised core structure with mutual 
inductance denoted as M3; and Fig. 6(d) shows the optimised core 

TABLE II
EESC Structure Dimension Parameter

Parameters Value

L1 100 mm

L2 50 mm

L3 360 mm

W1 150 mm

W2 150 mm

W3 100 mm

Lrxs 50 mm

Wrxs 600 mm

Lrx 430 mm

Wrx 650 mm

Ntx1 8

Ntxs 20

Nrx 20

Fig. 6. Schematic diagrams of different magnetic core structures. (a) 
Conventional non-skeletonised core structure. (b) Separate core structure. (c) 
Separate skeletonised core structure. (d) Optimised core structure.

Fig. 7. Trend of mutual inductance of different magnetic core structures.
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structure of this paper with mutual inductance denoted as M4.
Fig. 7 shows the trend of mutual inductance of coils with dif-

ferent core structures. When the conventional non-skeletonised 
core structure is used, the mutual inductance M1 between the 
coils increases from 60.27 µH to 148.51 µH as the coil position 
is shifted, the mutual inductance between the coils decreases 
instead of increasing when it is positively aligned, and the mu-
tual inductance fluctuation rate is as high as 150%. In order to 
make the core structure fit the structural characteristics of the 
coils better, the core on the transmitter side adopts a separated 
structure using two smaller bar-shaped cores, which are placed 
in the overlapping part of the main coil and the compensation 
coil. With the separated core structure, the mutual inductance 
M2 between the coils increases from 88.37 µH to 126.21 µH 
with the coil offset, and the mutual inductance fluctuation 
rate decreases to 49%. The use of the separated core structure 
solves the problem of reducing the mutual inductance of the 
coils when the conventional non-skeletonised core structure 
is positively aligned, and saves 38.8% of the core material 
compared to the conventional non-skeletonised core structure. 
Subsequently, based on the use of the separated core structure 
on the transmitter side, the core on the receiver side adopts 
a centre skeleton design, which is designed to provide better 
magnetic path access to the coil. With the offset of the coils, the 
mutual inductance M3 between the coils increases from 90.95 
µH to 106.37 µH with a maximum mutual inductance fluctu-
ation of only 16.9%. It can be seen that for the edge-enhanced 
stepped coil structure proposed in this chapter, the most fitting 
core structure is a separated core on the transmitter side and a 
skeletonised core on the receiver side. After determining the 
approximate shape of the core structure, a core parameter opti-
misation strategy based on the principle of minimising mutual 
inductance fluctuation is proposed to optimise the dimensions 

of the separated core on the transmitter side and the separation 
spacing, as well as the dimensions of the skeletonised core on 
the receiver side and the size of the skeleton, in order to ad-
dress the problem of mutual inductance fluctuation caused by 
coil offset.

The flowchart of core parameter optimisation based on the 
principle of minimum mutual inductance fluctuation is shown 
in Fig. 8.

1) Core parameter setting
The core of the transmitting coil is located below the trans-

mitting coil, and the core of the receiving coil is located above 
the receiving coil. The given core thickness Hcore is 10 mm, the 
core and the winding line are close to each other, the spacing 
between the core and the winding line Dcore_line is nearly 0, and 
the mutual inductance fluctuation rate ε*

Y2 is set to 5%.
2) Setting core constraints
The core structure is designed based on the optimized coil 

structure dimensions. The coil design is constrained by the 
actual core structure, which imposes several limitations. These 
constraints include the transmitting side core dimensions,the 
receiving side core dimensions and core skeleton dimensions. 
These constraints ensure that the core structure is appropriately 
sized and positioned to support the optimized coil configura- 
tion and achieve the desired performance.

3) Core parameter optimization
The mutual inductance between the transmitting and re- 

ceiving coils can be measured by ANSYS Maxwell simula- 
tion software, the mutual inductance fluctuation rate εY2 is 
calculated according to (36). εY2 is judged whether satisfies εY2

＜  ε*
Y2, when it satisfies the above conditions, the corresponding 

parameter matrix is saved. When the result does not satisfy the 
requirements, the program traverses the next set of parameters. 
Finally, when all the parameters have

Y
Y                             (36)

where M *
0 denotes the mutual inductance between the coils 

when they are aligned, M *
∆Y denotes the mutual inductance be-

tween the coils when they are offset in the Y-axis.
According to the above optimisation, the transmitting-side 

Fig. 8. Flowchart for the magnetic core parameter optimization.
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Fig. 9. Magnetic core structure diagram.
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core adopts a separated structure, which is symmetrically 
placed on the left and right sides, and the receiving-side core is 
a hollow structure in the middle, as shown in Fig. 6(d), and the 
variation curve of the coil mutual inductance is shown in Fig. 
7 as M4, and the mutual inductance fluctuation rate is less than 
5%. The core plan view is shown in Fig. 9, and the core size 
parameters are shown in Table III.

V. Experimental Verification

A. Prototype

To verify the feasibility and effectiveness of the proposed 
WPT system, a 500 W experimental prototype of the wireless 
energy transmission system is constructed. This prototype is 
used to assess the anti-offset performance of the system, ensur-
ing its reliability under various operating conditions.

Based on the coil size parameters provided in Table II, 
physical coils were wound, and the experimental prototype 
was constructed on a 3D motion platform. Fig. 10 displays 
the experimental prototype of the system, which includes 

the components of the WPT system, such as the DC power 
supply, inverter module, rectifier module, transmitter coil Tx, 
transmitter-side compensation capacitor CP, receiver coil Rx, 
receiver-side compensation capacitor CS, and load resistor. 
Fig. 11 shows the EESC structure. The inverter and rectifier 
components utilize silicon carbide power devices, specifically 
the model C3M0075120D. The experimental platform consists 
of a three-dimensional moving structure, featuring a stationary 
lower level and a three-dimensionally movable upper level. 
The transmitting coil is positioned on the lower level, while 
the receiving coil is located on the upper movable platform. 
Offset control is achieved through the 3D platform interface 
controller. The main parameters of the prototype WPT system 
are summarized in Table IV.

B. Mutual Inductance Analysis

Firstly, MATLAB is used to develop a program for calcu-
lating the mutual inductance of the coreless coil, allowing 
for the determination of the theoretical mutual inductance 
value Mc for the EESC structure. Secondly, finite element 
software is employed for modeling and simulation to obtain 
the simulated coupling coefficient Ms of the EESC structure. 
Finally, the self-inductance and mutual inductance of the 
physical coil are measured using an impedance analyzer to 
obtain the experimental value Me. The error between the 
theoretical value and the experimental value is defined as 
εc, and the error between the simulation value and the ex-
perimental value is defined as εs. These errors are calculated 
using the following formulas:

Fig. 10. Prototype of the WPT system.

Fig. 11. EESC structure.

TABLE III
EESC Structure Magnetic Core Dimension Parameter

TABLE IV
Main Parameters of the WPT System Prototype

Parameters Value

Ltx_core 50 mm

Wtx_core 750 mm

Dtx_core 560 mm

Lrx_core 600 mm

Wrx_core 800 mm

Lrx_hole 400 mm

Rrx_hole 600 mm

Hcore 10 mm

Parameters Value Parameter Value

UDC (V) 170.0 f (kHz) 85

LP (μH) 898 L*
P (μH) 1038

CP (nH) 3.67 C*
P (nF) 3.16

LS (μH) 521 L*
S (μH) 804

CS (nF) 6.54 C*
S (nF) 4.18

M (μH) 64.05 M *
  (μH) 89.1
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                           (37)

                           (38)

Table V presents the mutual inductance values and asso- 
ciated errors for the coreless coil when offset along the Y-axis. 
From the table, it can be observed that the experimental mutual 
inductance of the coil is 64.05 µH when it is aligned. When the 
coil is offset by 50% (362 mm) of the outer diameter length of 
the launching coil along the Y-axis, the experimental mutual 
inductance decreases to 60.95 µH. The fluctuation rate of the 
mutual inductance at this offset is 4.84%. The trend of the mu-
tual inductance of the EESC structure with respect to the offset 
distance along the Y-axis shows an initial increase followed 
by a decrease, which aligns with the theoretical analysis of the 
magnetic field behavior in the EESC structure. The error εc is 
less than 3.16%, and the error εs is less than 3.93%. To provide 

a more intuitive understanding of the coil’s behavior, Fig. 12 
shows the change curve of the mutual inductance of the core-
less coil when offset along the Y-axis. From this curve, it can 
be seen that the mutual inductance of the coil remains relative-
ly stable around 64 µH.

Table VI presents the mutual inductance values and associ- 
ated errors for the coil with a magnetic medium when offset 
along the Y-axis. The experimental mutual inductance is 89.10 
µH when the coils are aligned. When the coil is offset by 50% 
(362 mm) of the outer diameter length of the launching coil 
along the Y-axis, the experimental mutual inductance decreases 
to 86.19 µH, with a fluctuation rate of 3.27%. The error εs is 
less than 3.33%. To provide a more intuitive view of the coil’s 
behavior, Fig. 13 shows the change curve of the mutual in-
ductance for the coil with magnetic core when offset along the 
Y-axis. The mutual inductance of the coil changes smoothly 
and remains relatively stable at about 89.1 µH.

In summary, both the EESC structures without magnetic 
core and those with magnetic cores demonstrate strong offset 

Fig. 12. Variation curves of coil mutual inductance without magnetic core at 
offset along the Y-axis direction.

TABLE V
Mutual Inductance and Error Without Magnetic Core at Offset 

along Y-Axis

ΔY/mm M C M S M e εC εS

0 64.22 65.81 64.05 0.27% 2.75%

36.2 64.54 66.03 64.05 0.77% 3.09%

72.4 65.31 66.58 64.69 0.96% 2.92%

108.6 66.13 67.23 65.33 1.22% 2.91%

144.8 66.68 67.64 65.79 1.35% 2.81%

181.0 66.89 67.73 65.66 1.87% 3.15%

217.2 66.85 67.58 65.56 1.97% 3.08%

253.4 66.62 67.27 65.04 2.43% 3.43%

289.6 66.13 66.71 64.43 2.64% 3.54%

325.8 65.04 65.53 63.05 3.16% 3.93%

362.0 62.72 63.05 60.95 2.90% 3.45%

TABLE VI
Mutual Inductance and Error with Magnetic Core at Offset 

along Y-Axis

ΔY/mm M S M e εS

0 90.49 89.10 1.56%

36.2 91.14 88.74 2.70%

72.4 92.57 89.72 3.18%

108.6 93.76 90.74 3.33%

144.8 94.18 91.34 3.11%

181.0 93.95 91.34 2.86%

217.2 93.50 91.22 2.50%

253.4 93.12 90.71 2.66%

289.6 92.61 90.36 2.49%

325.8 91.63 89.11 2.83%

362.0 89.01 86.19 3.27%

Fig. 13. Variation curves of coil mutual inductance with magnetic core at offset 
along the Y-axis direction.
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resistance, capable of withstanding 50% (362 mm) offset of the 
outer diameter of the transmitter coil in the Y-axis direction. In 
all cases, the mutual inductance fluctuation rate remains below 
5%, indicating robust performance even under significant dis-
placement.

C. System Performance Analysis

Fig. 14 shows the variation curves of output power and 
transmission efficiency of the WPT system without magnetic 
medium with offset distance. From Fig. 11, it can be seen that 
the output power of the system is 495.44 W when the coil is 
aligned. When the offset distance is within 362 mm, the max-
imum output power and minimum output power are 533.9 W 
and 473.39 W. The transmission efficiency of the system has a 
tendency to increase and then decrease when offset along the 
Y-axis. This behavior aligns with the mutual inductance fluctu-
ations shown in Fig. 9, where the transmission efficiency peaks 
at 91.3%. The maximum fluctuations in transmission efficiency 
and output power are 0.21% and 7.76%, respectively.

Fig. 15 shows the output current variation curve of the core-

less system, from which it can be seen that the system output 
current is 4.18 A when the coil is aligned, and when the coil 
offset distance is within 50% (362 mm) of the outer diameter 
length of the transmitter coil, the maximum and minimum out-
put currents of the system are 4.36 A and 4.08 A, respectively, 
and the output current fluctuation rate is less than 5%.

Fig. 16 shows the relationship between the output power and 
transmission efficiency of the WPT system with magnetic me- 
dia and the offset distance. It can be seen that the transmission 
efficiency and output power are 92.04% and 482.79 W when 
the coil is aligned. When the offset distance is within 362 mm, 
the maximum transmission efficiency and minimum measured 
efficiency are 93.92% and 92.04%, respectively, and the max- 
imum output power and minimum output power are classified 
as 486.71 W and 429.78 W, the system efficiency and power 
fluctuations are 0.2% and 10.98%, respectively. When offset 
along the Y-axis direction, the transmission efficiency shows a 
gradual increasing trend, and the transmission efficiency of the 
system is as high as 93.92%.

Fig. 17 shows the output current variation curve of the sys-

Fig. 14. Variation curves of coil mutual inductance with magnetic core at offset 
along the Y-axis direction.

Fig. 16. Variation curves of system output power and transmission efficiency 
with magnetic core at offset along the Y-axis direction.

Fig. 17. Variation curves of system output current and with magnetic core at 
offset along the Y-axis direction.

Fig. 15. Variation curves of system output current and without magnetic core at 
offset along the Y-axis direction.
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tem with magnetic core. It can be seen that the system output 
current is 3.29 A when the coil is aligned, and when the coil 
offset distance is within 50% (362 mm) of the outer diameter 
length of the transmitter coil, the maximum and minimum out-
put currents of the system are 3.32 A and 3.13 A, respectively, 
and the fluctuation rate of the output current is less than 5%.

D. Comparison of Anti-Offset Performance

In order to demonstrate the resistance to deflection of the 
proposed coil structure and the innovativeness of the optimised 
design method, the WPT system proposed in this paper is com-
pared with the existing literature, as shown in Table VII.

Compared to the solenoidal coupling structure mentioned in 
[18]-[19], the coil structure proposed in this paper has a larger 
offset distance and offset rate with a smaller offset resistance. 
Compared to the literature [24]-[25], the coil structure pro- 
posed in this paper has a larger offset distance while the mutual 
inductance fluctuation rate is only 3.27%, which provides a 
better anti-offset performance.

VI. Conclusion
In this paper, an edge-enhanced stepped coil (EESC) struc- 

ture is proposed to improve the anti-offset performance of 
the system. Firstly, the model of the edge-enhanced stepped 
coil structure is analyzed, and the mutual inductance char- 
acteristics of this structure are examined. Secondly, a new 
method for calculating the mutual inductance of stepped coils 
is introduced, based on the Biot-Savart law. Subsequently, an 
optimization strategy is developed, focusing on minimizing the 
fluctuation of mutual inductance, to optimize both the coil size 
and the core size parameters. Finally, to validate the proposed 
methods, a 500 W experimental prototype is constructed. Sim-
ulation and experimental results confirm the accuracy of the 
coil mutual inductance calculation method and demonstrate the 
robust offset resistance of the coil structure. The experimental 
findings show that the mutual inductance fluctuation rate of the 
EESC, both with and without a magnetic core, remains below 
5% when the system is offset along the Y-axis by 50% (362 
mm) of the outer diameter of the transmitting coil. Addition-
ally, the error between the measured mutual inductance and 
the theoretical and simulated values does not exceed 5%. The 
transmission efficiency of the coreless EESC system is 91.3%, 
with an output current of 4.18 A and a fluctuation rate of the 

output current less than 5%. The EESC system with magnetic 
core achieves a transmission efficiency of 93.92%, an output 
current of 3.29 A, a fluctuation rate of the output current of less 
than 5%. Therefore, the EESC structure proposed in this study 
is well-suited for dynamic wireless charging of electric vehi-
cles. Further research will focus on improving the anti-offset 
performance of the EESC coil in the X-axis direction.
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Power Quality Enhancement Using AZQLMS 
and Fractional Order PID Based Control Through 

Dynamic Voltage Restorer
Ganesh Kumar BUDUMURU, Papia RAY, Prashant KUMAR, and Sabha Raj ARYA

Abstract—The rapid growth of nonlinear and unstable load 
penetration into the grid network has a detrimental impact on 
the grid system’s ability to deliver high-quality power. Moreover, 
it results in a situation where it becomes difficult to maintain 
high-quality power in the distribution sectors. As a result, it is 
exceedingly challenging to maintain a high standard of power 
quality (PQ) in a distribution system. To improve the quality of 
grid voltage a series compensating filter called dynamic voltage 
restorer (DVR) is used in this suggested work. An adaptive zero- 
attracting quaternion-based least mean square (AZQLMS)  
approach is suggested to extract the fundamental quantity from the 
polluted voltage of the grid. An optimization technique, frilled 
lizard (FL) inspired by nature, is employed to estimate the gains 
of the fractional order proportional integral derivative (FOPID) 
controllers used in this control algorithm for DC link voltage sta-
bilization. Compared to the marine predator (MP) optimizer, the 
proposed Frilled Lizard algorithm demonstrates enhanced capa-
bility to escape from local entrapment with quicker convergence 
and also reduces the complexity of manual tuning effort simulta-
neously.  From the perspectives of DC link time response char-
acteristics under transitory scenario, control technique, and the 
range of compensated voltage, the enhanced DVR’s principle has 
been examined. By minimizing the voltage issues and the voltage 
total harmonic distortion (THD) at the connection point below 
5%, both controllers were able to restore the voltage magnitude. 
MATLAB/Simulink with experimentation work is utilized to 
analyze the efficacy of the suggested approach. It is evident from 
the information that the AZQLMS and FL-FOPID successfully 
control the distribution grid’s voltage. 

Index Terms—Fractional order proportional integral derivative 
(FOPID), least mean square (LMS), optimization, power quality, unit 
vector, voltage regulation.
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I. Introduction

DUE to a surge in power consumption, electrical power 
system infrastructures have become more complicated 

in recent years. The accuracy of the electric power supply 
is mainly related to its voltage and current, and is known as  
power quality (PQ) [1]. Of all the PQ issues, voltage dips and 
swells, voltage imbalance, and disturbances for loads that are 
highly susceptible to voltage fluctuations, such as harmonics, 
occur most frequently [2].  

While rectifying the disturbed grid voltage, the suggested 
DVR-based control approach kept a stabilized voltage pro-
file with low harmonic content. Authors have developed an 
advanced DQ technique for DVR, and the transient voltage 
scenarios are considered for their comparative study with a 
conventional DQ theory [3]. This time domain approaches 
underperform if the supply voltage deteriorates, however, 
they operate well when the voltage supply is sinusoidal [4]. A 
comprehensive analysis of DVR operation, encompassing both 
with and without energy storage devices, has been provided by 
Gammal et al. [5]. To compensate for voltage-based PQ prob-
lems, the capacitor-supported DVR setup has been researched 
[6]. In [7] authors have created a control system based on the  
integration of a generalized neural network estimator and neuro- 
fuzzy for precisely designing the DVR response to regulate 
the load voltage when dealing with fluctuating PQ problems. 
Numerous DVR functioning methods are described by the 
authors in [8], and it is demonstrated that an energy-saving 
approach via zero power insertion may be achieved by keeping 
the DC-bus voltage constant. However, these controllers have 
certain drawbacks, including low dynamic response, local 
convergence, and considerable steady-state error when the grid 
voltage is disturbed. Therefore, to achieve a quicker conver-
gence rate, the appropriate selection of an adaptive algorithm is 
required for optimal solution. 

In the view of PQ improvement, control algorithms based 
on variable learning rate based least mean square (LMS) have 
been implemented based on a filter weight updating mecha-
nism at each run of the error signal [9]. Authors have employed 
the fourth-order LMS/F technique for extracting the fundamen-
tal weight for further estimation of the load reference voltage 
signal. This paper discusses the estimation of active and reac-
tive quantities using hybrid filters like LMS/F [10], TSKARNA 
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LMS, and mixed-norm constraint-based improved proportio- 
nate normalized least mean square fourth (MNC-IPNLMS/F) 
[11]. These techniques are utilised to lessen the input noises 
and provide improved performance using error criteria. The 
zero attractor LMS controller was proposed based on sparsity, 
where the optimal zero attractor controller minimizes mean 
square deviation (MSD) error, and extends the LMS approach 
to the quaternion domain for processing of multidimensional 
signals. Therefore, speeds the convergence performance for 
steady-state compared to basic LMS algorithms [12].  Several 
methods are available are studies in the literature for voltage 
error stabilization, like optimized PI [13]. Artificial Intelligence  
methods like ANN, ANFIS [14], and Fuzzy [15] involve expertise  
to select the data and training of it to extract the forecasted 
model.  The fractional order proportional integral derivative 
(FOPID)-controller is used to improve error regulation of the  
internal control circuits and maintain a constant DC link voltage.  
The gains of FOPID are estimated with frilled lizard optimizer 
(FLO) [16]. The optimization saves the computational effort  
required for coefficient tuning and obtains the improved  
dynamic response of the recommended system.  The proposed 
FOPID is examined with the ITSE function, which offers  
optimized fast settling time and lessens oscillation [17].

The research work primarily focuses on the implementation 
of an adaptive quaternion-based least mean square approach 
for estimating load reference voltage. The major benefit of 
AZQLMS is quick convergence, reducing noise interference, 
and unaffected steady state performance. The Fractional Order 
PID (FOPID) is integrated with the FL tuning approach for  
stabilizing the voltages of the DC link. The voltage balancing  
of adaptively regulated DC link plays a crucial role in enhancing  
the PQ performance, as judged by a comparative study with 
LMS-PI in terms of smaller oscillations during active weight 
estimation. The comparative convergence curves of FL are  
superior over the marine predator (MP) optimizer, confirming 
the fast-tracking capability of FOPID over the PI controller. 
The simulation and experimental test results for the proposed 
topology and control have been conducted under different PQ 
issues to validate the efficacy of the proposed control scheme.

II. System Configuration and Control Strategy
The detailed diagram of the DVR arrangement is shown in 

Fig. 1. The capacitor is linked to the inverter for injecting the  
required amount of voltage via injection transformers. A linear  
load (RL-load) is taken into consideration and a constant voltage  
needs to maintain during operation. The energy storage  
system is replaced by a capacitor (CDC) that stores energy, and 
the system design is self-supported [5]. Additionally, maintains  
the supply voltage’s (vs) voltage dynamics, whenever it’s needed.  
“Lf” is the interface inductors utilised to reduce the current’s 
waves waveform of the converter [8].

A. Active and Reactive Quanity  Estimation

Fundamental estimation of active and reactive quantity with 
the support of an injection transformer and the necessary parts 
listed in the voltage source converter (VSC) functions as a 
DVR, and the control algorithm monitors its operation. The 
DVR attached VSC and receives gate pulses from the control 
algorithm would be accountable for the intended voltage com-
pensatory methods. The error is estimated between the mea-
sured (dmeas) and targeted signal (dest), i.e., era = dmeas - dest [11]. 
The error signal era for each phase can be computed as

p m p mms np

q m ms q m q m
                               (1)

where ‘m’ can represent the phases a, b, and c.
The updated fundamental direct component (Wpa) for phases 

a, b and c are evaluated as [12].

pa pa pa pa pa

pb pb pb pb pb

pc pc pc pc pc

［                                               ］

［                                               ］

［                                               ］

 

(2)

The controlling parameter step size μ and α is a constant 
term that attracts the coefficients of weighted value to zero 
(varies from 0.1e-5–0.1 and 0.8 is opted value for minimization 
of error) is used to adjust the errors and estimated the targeted 
voltage signal. The fundamental averaging weight component 
(Wpabc) for the direct axes can be computed as

pa pb pc

pabc
                             (3)

Reactive weight quantity of each phase a, b and c are evalu-
ated as follows:

qa qa qa qa qa

qb qb qb qb qb

qc qc qc qc qc

［                                               ］

［                                               ］

［                                               ］
(4)

Fig. 1. Power circuit for three phase DVR.
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The fundamental averaging weight component (Wqabc) for 
the direct axes can be computed as

qabc

qa qb qc                                (5)

B. Tempate Estimation

Estimated direct and quadrature unit vector from measured 
load currents (iLabc) is evaluated as [6], [8]

pa pb pc

a b c

qa pc pb qb pc pcpb

pc pcpbqc

L L L

L L L

     (6)

a b cL L LL .

III. Voltage Regulation Analysis
Since voltage deviations must be restored to the prescribed 

value using FOPID, the voltage regulation analysis is of utmost 
importance. When other artificial intelligence-based grid-con-
nected controllers are compared, the proposed FOPID control-
ler exhibits a considerably error-free response [13]. Using the 
FL approach, optimised FOPID controllers are used stabilizing 
the voltage deviation. The FOPID variables are fine-tuned with 

the FLO for the precise estimation of direct and quadrature 
load components. 

A block diagram of control algorithm is displayed in Fig. 2. 
The proposed controller FLO based FOPID has five variables 
given in time domain as [17]

y(t) = kpr(t) + kid
-λr(t) + kdd

γr(t),    (λ, γ ＞ 0)         (7)

The FL is integrated with the FOPID controller, for achieving 
the tuneable parameters and assessed with the considered  
fitness function (ITSE).

d［          ］          (8)

In (8), e(t) is the value of error, t is the time period and Ts 
is simulation run time. The obtained variables of FOPID are  
employed to estimate the direct and quadrature load voltage. 
The input to the FOPID controller is the error voltage (Vde) of 
the DC link that needs to minimized the dynamics of voltage 
and enhance the tracking of FOPID. The error value of DC link 
is computed as

                                     (9)

The obtained response of controller is (wav) and subtracting 
from the mean weighting value of active component (Wpabc) to 
obtain (was), is computed by (9).

Was = Wpabc - wav                                 (10)

Fig. 2. Control algorithm for three phase DVR.
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FOPID is utilized to suppress the oscillations of AC terminal 
voltage, and the input to FOPID is defined as

                                      (11)

The load voltage quantity (Vt) computation is expressed in (12). 

L LL
                        (12)

The FOPID response (wrv) is taken the mean sum weighting 
value of the computed fundamental reactive weight (Wqabc) to 
achieve (wrs) shown as

Wrs = Wqabc + Wrv                                 (13)

The estimated direct and quadrature quantity are achieved 
by multiply with unit template given as, 

       (14)  

The reference quantity of load voltage abcL  is derived with 
the summation terms of pabc and qabc .

With minimal oscillations and overshoots, the FOPID regu- 
lator receives these optimum gain values in order to achieve 
the perfect balancing voltage control. The ITSE index perfor-
mance is verified using the FLO chosen parameters. The con-
trol parameters taken into account for optimising are number of 
populations = 30, maximum trials = 50, and variables =10. The 
constants of FOPID are Kp = [0.01, 30], Ki = [0.01, 4], Kd = 
[0.011, 1], λ = [0.01, 4] and γ = [0.01, 4]. AC FOPID limits are 
Kp = [1, 50], Ki = [0.01, 4], Kd = [0.0001, 4], λ = [0.01, 4] and  

γ = [0.01, 10]. For the purpose of comparing the effectiveness 
of the FLO with marine predator algorithm (MPA), the estab-
lished bounds for the gain variables of the DC link and AC 
terminal. The considered cost function justifying nature of DC-
FOPID gain values tuning with FLO, and MPA is depicted in 
Fig. 3. According to the converging analysis, the FLO optimi-
zation surpasses the MPA and converges quickly at the 24th 
iteration with the optimum cost for DC link is 35.538 and AC 
link 22.145, respectively. Table I demonstrates the optimum set  
values for DC and AC FOPID for voltage stabilization. Table I 
is required to minimize the stated FF in a minimum amount 
of time and iterations in order to get the optimal dynamic 
response of the FOPID. Table I depicts the optimal FOPID 
variables. The proposed controller technique requires moderate 
control efforts to maintain the desired load voltage. The tran-
sient response performance is summarized in Table II, further 
highlights its effectiveness.  

IV. Result and Discussion
The simulation work of DVR is simulated based on 

AZQLMS and FOPID Mtalab environment with a toolbox 
of sim power system. The performance is demonstrated with 
AZQLMS and FOPID based control under different grid volt-
age issues using solver of ode5 and sample time is 20 µs. It 
includes overall signals which are utilized for the computation 
of reference generation of load voltage and its compensation 
capability. The electrical system parameters rating for simula-
tion and hardware are listed in Appendix.

Fig. 3. Converging analysis for fine tuning of FOPID gain.

Methods

Variables

Optimum values for DC-FOPID Optimum values for AC-FOPID

Kp1 Ki1 Kd1 λ1 γ1 Kp2 Ki2 Kd2 λ2 γ2

FOPID(Hit and Error) 8 0.4 0.04 1 1 29.88 0.4 0.01 1 1

FLO-FOPID 20.14 0.01 0.01 0.3979 0.8066 41 2.08 2.08 2 0.1

TABLE I
FOPID Controller Gain Utilized for Fine Tuning of DC and AC Link

TABLE II
Comparative Study of Voltage Stabilization of DC Link

Parameters LMS-PI[9]-[11] AZQLM-optimized FOPID

Settling time ts (s) 0.26 0.18
Peak overshoot Mp (%) 18 5.7
Undershoot (%) 12 3.4
Repones time Low Quick
Power quality Lower Higher
Oscillation during transient Higher Lower
Accuracy Moderate Better
Complexity degree High Low
Step size Constant Variable
Static error High Low
Dynamic oscillations High Low
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Compensation peromnce of DVR is as follow: The analysis  
of the recommended algorithm is done during the computation  
of reference signal of load voltage are illustrated in Fig. 4 for 
DVR system. The proposed integrated controller AZQLMS 
and FOPID alleviates the disturbances from grid voltages 
vsa of ‘phase a’. The compensating voltages for 3 phases vca, 
vsa and vcc are represented in subplot 3 (b), (c) and (d). The 
sinusoidal load current of 21.99 A is depicted in subplot 3(e). 
These quantities help to achieves distortion free reference 
load voltage of 415 V with expected amplitude and sinusoidal 
nature of signals. The DC and AC link voltages with minimal  
deviations confirms the stability of computed load voltage. Fig. 5 
demonstrates compensatory time for case of voltage unbal-
ancing is 0.004 s. The designed controller is evaluated through 
simulation and practical tests, confirming its robustness and 
effectiveness in case of voltage distortion and DC-link voltage 
variations. Additionally, the controller demonstrates a rapid dy-
namic response time under transient state. Supply voltage (vsab) 

has voltage harmonics level of around 10% THD is portrayed 
in Fig. 6. The compensated corresponding load voltage (vlab) 
is restored to 415 V and THD level is limited to 3.78% which 
is below 5%. By using optimised values, the response transi-
tory time of DC link voltages has significantly improved and 
quick settled to the set level rapidly with lessen peak overshoot  
shown in Fig. 7. Compared to the basic LMS-PI approach, the DC  
link voltage has reduced peak overshoot and better setting time. 

To further analyze the performance efficiency illustrated 
in Fig. 7, the estimated mean weight active load components 
under voltage imbalance conditions are compared across var-
ious control strategies, including the proposed AZQLMS and 
FOPID. This figure highlights that the AZQLMS and FOPID 
exhibits smaller oscillations compared to the LMS-PI. Conse-
quently, the tracking and convergence capabilities of AZQLMS 
and FOPID are notably enhanced and faster under dynamic 
conditions. 

The proposed AZQLMS and FOPID-FLO based control 
method excel in performance and offer greater flexibility in 
tuning compared to PI controllers as shown in Fig. 8. This de-
liver notable improvements in time response behavior, achiev-
ing a faster settling time of 0.18 s, as well as reduced overshoot 
of 5.7% and undershoot of 3.4%. Table II shows the compara-
tive study of the AZQLMS technique, which outperforms the 
basic LMS-PI.

Fig. 4. DVR dynamic performance with AQLAM-FOPID based control 
algorithm.

Fig. 6. THD performance in three phase system using DVR.

Fig. 7. Comparative in terms of convergence of average active weight com-
ponent of LMS-PI with proposed method.

Fig. 5. Compensatory DVR response for unbalanced voltage.
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V. Experimental Performance
The DVR prototype, utilizing AZQLMS and FOPID control 

techniques as illustrated in Fig. 9, integrates the control hardware 
with the power circuit. A laboratory-scale prototype is developed 
to evaluate PQ issues such as voltage sag, swell, imbalance, 
and distortion. Hall effect-based sensor circuitry (LEM-LA55P 
and LEM-LV25P) is employed to capture the desired signals 
of the designed system control. The Micro-LabBox is used to 
process the sensed signals and generate the required switching 
sequences for the VSC converter. Simulation outcomes are 
validated through laboratory experiments, where devices like 
digital storage oscilloscope (DSO), PQ analyzer, and multimeters  
are used to monitor voltage waveforms and other DVR perfor-
mance parameters. 

The DVR test results and voltage PQ issues mitigation 
compensation capacity are discussed and analyzed with DSO 
captured waveforms. A voltage distortion of 12% is introduced 
in the grid (vsabc), and the load voltage (vLabc) is restored to 110 V 
with the incorporation of recommended control and depicted  
in Fig. 10. The analysis of distortion compensation includes 
phase a signals like voltages of supply (vsa), injecting voltage 
(vinja), load side voltage (vLa), dc link (Vdc), and load side cur-
rent (iLa) during harmonic injection in Fig. 10(a) and (b). The 
DC link (Vdc) errors are stabilized under distortion and show-
ing maintained voltage level with less fluctuation whilst Fig. 
10(c) shows the stabilized dc link voltage (Vdc) of 70 V with 
a balanced load voltage (vLa) of 110 V and load current (iLa) is 
distortion free during removal of distortion phenomena from 
supply voltage (vsab).

The DVR’s steady-state performance under supply-side volt-
age distortion is examined in Fig. 11. Fig. 11(a)-(d) demon-
strates that the uncompensated source voltage waveforms (vsabc) 
and source current (isa) are detailed, with phase values of 110.4, 
109.7, and 112.1 V and a harmonic distortion level around 
12.1%. Fig. 11(e) and (f) shows the compensation voltage (vca) 
and phase compensation power ( pca), respectively. The load  
voltages (vLabc) compensated values are 110.0, 110.6, and 109.9 V  

Fig. 8. Voltage stabilization of DC link.

Fig. 10. Dynamic compensation with developed controlling scheme during 
distortion (a) vsab, vinja, vLab, iLa. (b) vsab, Vdc, vLab, iLa. (c) vsab, Vdc, vLab, iLa.

Fig. 11. Voltage THD spectrum of three-phase system using AZQLMS and 
optimized FOPID-based control in DVR.

Fig. 9. Prototype of DVR setup.
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as per Fig. 11 (g) and (i) with distortion levels reduced to  
4.7%, 4.6%, and 3.1% as per Fig. 11 ( j) and (l). Summarized 
statistical values for the voltage distortion before and after 
compensation with experimental results depicted in Table III 
The experimental results are all at 110 V supply voltage. 

VI. Conclusion
In this work, DVR is developed with an AZQLMS and opti-

mized fractional order proportional integral derivative (FOPID) 
based control to compensate the voltage power quality (PQ) 
problems. To perform compensation, AZQLMS and FOPID-
FLO are observed superior over LMS-PI under transitory 
conditions in terms of ripple reduction of quick settle time, 
peak overshoot, and undershoot of 0.18 s, 5.7%, and 3.4%, 
respectively. Also, adaptive zero-attracting quaternion-based 
least mean square (AZQLMS) effectively computes the funda-
mental components of direct and quadrature under voltage per-
turbations in the DVR control circuit. The AZQLMS adaptive-
ly adjusts the step/learning rate based on the error rate.  From 
the simulation results it is found that the load voltage THD 
is well maintained within the allowable limit of 3.78%.  In 
addition, from the experimental results exhibit the AZQLMS 
and FOPID-FLO strategy that minimized the THD of the load 
voltage as per the standard IEEE 519. These percentages verify 
that the quality of the voltage is better if the AZQLMS and 
FOPID-FLO strategy is used.

For future research, we aim to explore the application of 
this hybrid metaheuristics algorithm to optimize the gain vari-
ables of FOPID for a wider range of optimization problems. 
Additionally, efforts will be directed towards the experimental 
implementation of this control strategy to assess its robustness 
under varying grid voltage conditions.

In summary, the conclusions drawn are as follows:
1. The AZQLMS and FOPID-FLO strategies effectively limit 

the experimental THD of load voltage to approximately 4.7%, 
4.6%, and 3.1%, which is well below the IEEE 519 standard.

2. Among the evaluated methods, FOPID-FLO demonstrates 
superior convergence of the objective function compared to 
FOPID-MPA.

3. FOPID-FLO outperforms FOPID-MPA, making it a more 
effective choice for tuning the gain variables of FOPID.

Appendix
System simulation parameters:
Non-ideal supply (vL-L) = 415 V, 50 Hz; load rating =16 

kVA, 0.8 p.f; load current (iL) = 21.98 A ; DVR transformer rat-
ing = 3 000 VA, 100/150 V; VDC = 300 V; amplitude of terminal 
voltage Vt = 339 V; DC link capacitor (CDC) = 4 700 µF; Filter 
inductor (Lf) = 1 mH; LPF cut of frequency = 8 Hz; Sampling 
time (ts) = 20 µs. AQLSM controlling parameters: α = 0.08 and 
μ = 5×10-4.

Non-ideal grid voltage (vsabc) 110 V, 50 Hz; load = 0.353 
kVA with 0.66 p.f. (lag.); voltage of ac bus (Vt) = 90 V, voltage 
(Vdc) at DC link = 70 V; capacitor value of dc bus (Cdc) = 3 500 μF;  
rating of injection transformer 4 kVA, 35/35 V; series interfacing 
inductance (Lse) = 0.5 mH; filter component Rf =10 Ω, Cf =120 
μF and switching frequency = 10 kHz.
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A Family of  Single-Phase Back-to-Back Three-Level 
Power Factor Correction Rectifiers

Hui MA, Guofang CHEN, Kun XIANG, Liping FAN, Lei XI, and Yuehua HUANG

Abstract—In this paper, a family of back-to-back three-level 
power factor correction (BT-PFC) converters is proposed. A bi-
directional switch unit is cascaded or embedded in the midpoint 
between the bridge arm and the two capacitors of the back-to-back 
PFC to achieve three output voltage levels during the frequency 
period. The proposed topologies can effectively reduce the harmon-
ic content and lower the equivalent switching frequency. Firstly, 
the derivation methods and circuit characteristics of the proposed 
topologies are analyzed and compared, and one of the topologies is 
chosen as an example to describe its operating principle. Further-
more, decoupling closed-loop control and modulation technology of 
the proposed BT-PFC converter are analyzed in detail. Finally, an 
experimental prototype with an input of 220 V/50 Hz and a rated 
output of 1 kW/400 V is designed based on the BT-PFC-VI circuit. 
The experimental results show that the proposed single-phase BT-
PFC has higher efficiency and flexibility is verified. 

Index Terms—Back-to-back, power factor correction, three-lev-
el converter, voltage stress.

I. Introduction

WITH the continuous expansion of DC application scenar-
ios, multilevel rectifier circuits are widely used in LEDs, 

air conditioners and electric vehicle charging piles. Therefore, 
multilevel rectifiers have become a hot research topic for 
scholars at home and abroad [1]-[5]. However, the multilevel 
rectifier will cause serious harmonic pollution in the system 
and affect the operation of electrical equipment. Hence, power 
factor correction (PFC) technology is frequently employed as 
a viable solution in addressing this issue. The introduction of 
a multilevel PFC topology improves the circuit efficiency and 
harmonic quality, while also offering the advantages of simple 
control, low voltage stress and lower switching losses [6]-[9].

Compared with two-level circuit topology, three-level 
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bridgeless PFC topology has obvious advantages in terms of 
reducing switching loss and improving power factor [10]-[12]. 
A variety of commonly used Boost PFC circuits are compared 
in [13]-[14], and the proposed topology is evaluated and com-
pared through loss analysis and simulation verification, demon-
strating the advantages of the bridgeless PFC topology. The 
diode clamp topology is combined with the traditional back-to-
back topology in [15], and a three-level bridgeless boost PFC 
rectifier is proposed, where the switching is only subjected to 
half of the output DC voltage, leading to an improvement in 
circuit efficiency. The PFC topology proposed in [16] achieves 
high efficiency by diminishing losses through a reduction in the 
number of semiconductor devices within the current flow path.

In the multilevel topology, the diode clamped and T-type 
structures are composed of diodes and fully controlled de-
vices, which can achieve efficient energy conversion and 
transmission [17]-[21]. Back-to-back structures are widely 
used because of their low on-state loss, low common-mode 
interference and low control complexity [22]-[25]. The tradi-
tional diode clamp three-level topology is shown in Fig. 1(a), 
which is widely used in power transmission and distribution 
systems because of its bidirectional power flow [26]. Howev-
er, the number of active switches is a significant disadvantage 
of this topology. As shown in Fig. 1(b), it is a unidirectional 
three-level power factor correction circuit, which reduces four 
active switches, and improve the efficiency compared to the 
bidirectional diode clamp type. Additionally, Fig. 1(c) shows 
the dual T-type three-level topology with bidirectional power 

Fig. 1.  Single-phase PFC rectifiers. (a) Bidirectional diode clamp type. (b) Uni-
directional diode clamp type. (c) Bidirectional T-topology. (d) Unidirectional 
T-topology.
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flow. Compared with the diode clamped topology, the T-type 
topology reduces the number of clamped diodes and solves 
the problems of asymmetric circuit structure and uneven loss 
distribution. In order to further reduce the cost and the number 
of switches, the improved T-type three-level topology shown 
in Fig. 1(d) is obtained, in which the switches S1 and S2 are 
connected in reverse series to form a back-to-back structure. By 
cascading or embedding the back-to-back structure with diode 
clamp and T-type bridge arms, a family of three-level BT-PFC 
is proposed. 

In order to facilitate the pulse distribution and reduce the 
switching losses of the topology, combining the switch bridge 
arm in Fig. 1(b) with the back-to-back structure in Fig. 1(d), the 
back-to-back three-level PFC converter in Fig. 2 is obtained. 
By replacing the switches S3~S6 in the back-to-back three-level 
PFC-I converter shown in Fig. 2(a) with diodes and forming 
the diode uncontrolled rectifier bridge arm, the back-to-back 
three-level BT-PFC-II shown in Fig. 2(b) can be obtained. Fig. 
2(c) shows the back-to-back three-level BT-PFC-III, so as to 
achieve a smaller number of switches. Fig. 2(d)-(f) show brid-
geless three-level rectifiers cascaded with different bidirection-
al switching units, where the topologies are shown in Fig. 2(d) 
for BT-PFC-IV, Fig. 2(e) for BT-PFC-V, and Fig. 2(f) for BT-
PFC-VI.

The neutral point of the BT-PFC-I-III topology is connect-
ed to the AC side through an embedded bidirectional switch, 
forming a three-level structure. The embedded bidirectional 
switching device replaces the original bridge arm. The BT-
PFC-IV-VI topology adds a cascade unit between the diode 
uncontrolled rectifier bridge arm and the split capacitor, which 
realizes bidirectional current flow. Both types of topologies 
connect reverse series back-to-back structure switches between 
the rectifier bridge arms.

The structure of this paper is as follows. In Section II, the 
voltage stress and device number of three-level PFC topologies 
based on embedded and cascaded structures are compared, and 
introduced the derivation process and operation principle of BT-
PFC-VI topology. In Section III, a rigorous examination was 
conducted on the mathematical model of the circuit and topo-
logical losses. Section IV will introduce modulation techniques 
and control strategies for this specific topology family. Detailed 
experimental validation is presented in Section V, followed by a 
comprehensive summary of conclusions in Section VI.

II. Topology Comparison and Operation Principle

A. Topology Characteristics and Comparison

Based on the optimization and improvement of the three-
level BT-PFC-I converter shown in Fig. 2(a), the voltage 
stress characteristics of each switch and diode in the proposed 
back-to-back three-level power correction circuit at the same 
power level are analyzed. The maximum voltage stress of each 
component in the five circuits of BT-PFC-II~VI is shown in 
Table I. It can be seen from Table I that the voltage stress of the 
switches in the proposed BT-PFC topology is half of the DC  

Fig. 2.  Family of back-to-back three-level PFC converter. (a) BT-PFC-I. (b) 
BT-PFC-II. (c) BT-PFC-III. (d) BT-PFC-IV. (e) BT-PFC-V. (f) BT-PFC-VI
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Voltage Stress of the Proposed Topologies Devices
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side voltage, which reduces the circuit switching loss and is 
consistent with the theoretical analysis.

Table II shows the number of devices and rated voltage that 
pass through the corresponding current path of the topology 
proposed in this article at different output levels. From Table II, 
it can be seen that BT-PFC-I has a higher number of switching 
devices through which current flows compared to other topol-
ogies, resulting in increased circuit losses. When the voltage 
level is ±1/2udc, the topology BT-PFC-III has one more diode 
conducting in the current path than BT-PFC-II, resulting in 
slightly higher total switching losses. 

Fig. 3 shows a comparison of the number of devices with 
different rated voltage topologies. It can be seen from Fig. 3 
that BT-PFC-I has eight switches and six diodes, making it the 
most expensive topology compared to other topologies. BT-
PFC-II uses two fewer diodes and one more switch than BT-
PFC-III, so the cost difference is not significant. The BT-PFC-
IV topology has only four diodes and four switches compared 
to other topologies, resulting in the lowest cost.

A back-to-back bridgeless three-level rectifier based on 
unidirectional diode clamp and T-type topology is proposed, 
which preserves the characteristics and performance of the cir-
cuit topology and achieves three-level by using fewer switch-
ing devices. Table III presents a comparison of the number 
of components between the family topology proposed in this 
article and other three-level topologies. Compared with refer-
ences [6], [9], and [10], the topology BT-PFC-III and BT-PFC-
VI proposed in this paper have a reduced number of switching 
devices, thus reducing the complexity of control. Although 
only two switches are used in [8], the increase in the number 

of inductors and capacitors resulted in increased costs and con-
sideration of equipment heat dissipation issues. Topology BT-
PFC-I and BT-PFC-IV use fewer diodes, resulting in reduced 
conduction losses in the circuit. Topology BT-PFC-II~IV can 
achieve unidirectional power flow and reduce electromagnetic 
interference generated in the system.

B. Operation Principle of the Proposed Topologies

The back-to-back three-level PFC rectifier (BT-PFC-VI), 
as shown in Fig. 2(f), is taken as an example to analyze the 
operation principle, the BT-PFC-VI topology is composed of a 
AC voltage source us, one inductor (L), two capacitors (C1 and 
C2), three switches (S1, S2 and S3), and eight diodes (D1-D8). 
Fig. 4 illustrates the current paths of the six operation modes, 
and this circuit operates symmetrically during the positive and 
negative half-cycle. Additionally, the states of the switches are 
documented in Table IV, with “1” and “0” signifying the “ON” 
and “OFF” states of the power switches, respectively. Subse-
quently, a detailed analysis of the six operational modes of the 
BT-PFC-VI is conducted.

Mode 1: S1 and S2 are on. In this mode, the positive line cur-
rent iL is linearly increasing. Meanwhile, the input inductor L 
accumulates energy and the capacitors C1 and C2 provide pow-
er to the load R. The bridge arm voltage uab=0. The equivalent 
circuit of this mode is shown in Fig. 4(a).

 
� �

L

1 2 dc
2

s

C C

L di dt u
Cd u u dt u R

��
� � � ��

                     (1)

Mode 2: S3 are on. At this time, the capacitor C1 is charged by 
the positive line current iL, and the DC load current discharges 
the capacitor C2. During this state, the voltage uab=+uC1=+udc/2. 
The equivalent circuit of this mode is shown in Fig. 4(b).

 L s

1 1 L dc

C1

C

L di dt u u

C du dt i u R

� ���
�

� ���
                       (2)

Mode 3: When the voltage uab is “+udc”, all the active switch-
es are OFF. The inductor releases its stored energy to the out-
put capacitors C1, C2 and the load resistor R through the bridge 
diodes D1 and D4. The equivalent circuit of this mode is shown 
in Fig. 4(c).

TABLE II
Number and Rated Voltage of Power Devices in the Current Path Across Various Voltage Levels

Fig. 3.  Comparison of the number of devices with different rated voltage topologies.
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(3)

For the negative half-line cycle, the corresponding operat-
ing modes for BT-PFC-VI are shown in Fig. 4(d), (e) and (f), 
which are similar with the positive half-line cycle.

From the above operation analysis, the proposed single-phase 
back-to-back three-level power factor correction converters are 
capable of generating three voltage levels, achieved through the 
appropriate PWM scheme for each switch. The key waveforms 
corresponding to the six operating modes are shown in Fig. 5.

TABLE III
Comparison of the Proposed Topology With Other Three-Level Topologies
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Fig. 4.  Current flow path during different output voltage levels. (a) uab = +0. (b) uab = +udc/2. (c) uab = +udc. (d) uab = -0. (e) uab = −udc/2. (f) uab = −udc.

Fig. 5.  Key waveform of BT-PFC-VI in a grid cycle.
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III. Mathematical Model and Performance Analysis

A. Mathematical Model

Based on the analysis of the switching equivalent mathemat-
ical model of the BT-PFC-VI topology proposed, the symbolic 
function sgn (iL), is defined as follows:

 
L

1 0
sgn( )

1 0

L

L

i
i

i
��

� �� ��
                            (4)

where sgn(iL) = 1 indicates that inductive current at positive 
half cycle of the power supply (iL >0). Furthermore, sgn(iL) = 
-1 indicates that inductive current at negative half cycle of the 
power supply (iL <0).

According to the current path under each mode in Fig. 4, the 
output bridge arm voltage uab can be derived as follows：
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the current on the DC side can be derived as follows：
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where the expression a to f are defined as follows：
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Sa(a=1,2,3,4) indicates the on-off status of each switch in the 
corresponding topology, is defined as follows:

 a

a

S 1
a 1,2,3,4

S 0

��� ��
���

                                  (8)

where“1”and“0”indicates the“ON”and“OFF”states of the pow-
er switches.

According to (5)-(8), the proposed circuit can be simplified 
into the equivalent circuit shown in Fig. 6.

B. Circuit Loss Analysis of Devices

Based on a family of single-phase back-to-back three-level 

power factor correction converters, the power device losses of 
BT-PFC-I~VI are mainly discussed. The losses of the MOS-
FET predominantly contain conduction losses and switching 
losses. Since the MOSFET possesses on-state resistance during 
conduction. There is an on-resistance voltage drop at both ends 
of the device and generates conduction losses Ps-con, which is:

 � �2 2ds

s-con S ds S,rms
0

L
T

L

rP I t dt r I
T

� ��                      (9)

where rds is the on-state resistance of MOSFET, IS,rms is the 
RMS value of the current flowing through the MOSFET and 
TL is the stable working time of the device.

During the transition between the on-state and off-state 
of the device in a MOSFET, switching losses are generated, 
which is:

 � � � �

� �

T
in

s-sw S on off sw
0

in S,avg on off sw

0.5

0.5

VP I t dt t t f
T
V I t t f

� �

� �

�              (10)

where Vin and IS,avg are the RMS value of the input voltage and 
the output current, ton and toff are the crossover time of drain 
current and voltage conversion in switching process respective-
ly, and fsw corresponds to the switching frequency.

Similarly, the power losses of the diode in a cycle consists 
mainly of static losses and dynamic losses. The turn-on loss of 
the diode is negligible, due to the fact that the forward recovery 
time tf and reverse recovery time tr are both extremely short. 
Diode on-state loss can be expressed as:                                                                 

 � �Son f f D,avg
0

/
T

P V I t dt T V I� ��                  (11)

where Vf  indicates the positive conduction voltage drop.
The turn-off losses of the diode is due to a certain reverse 

leakage current generated when the diode is turned off, which 
will lead to energy loss and increase the loss of the diode. The 
turn-off losses PDoff can be expressed as:

 � �Doff f rp sw rr rp rp sw rr
0

/ 0.5
T

P K U f t I t dt T U I f t� ��     (12)

where Urp and Irp are the reverse peak voltage and current, trr is 
the diode reverse recovery time.

The components used in this paper are IRFP460 for MOS-
FETs and RHRP3060 for diodes. Table V shows the parame-
ters for IRFP460 and RHRP3060 as the datasheets. The operat-

Fig. 6.  Equivalent circuit diagram of the mathematic model.
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ing frequency is fsw= 20 kHz.
According to (9)-(12), Fig. 7 give the detailed loss distribu-

tion diagrams at the rated load of 220 Vrams for the BT-PFC-I. 
And the comparison of losses among the six topological devic-
es proposed under different output powers is shown in Fig. 8. 
From Fig. 8, it can be seen that when the output power is 300 W, 
the losses of each topology device are the lowest. BT-PFC-I 
has the lowest device loss at each output power, which is main-
ly related to the number of devices on the current path in each 
operating mode. Due to the largest number of devices, BT-
PFC-I has the highest device loss at each output power.

Fig. 9 shows the efficiency diagrams of various topologies at 
different output power rates. As can be seen from the Fig. 9, the 
topology efficiency proposed in this paper is significantly better 

than that of the traditional clamping topology and the newest 
three-level circuit [26]-[28], and the efficiency reaches the maxi-
mum between 40% and 50%. The optimal efficiency of BT-PFC-
VI can reach 97.9%. For the other topologies proposed in this 
paper, the efficiency of each working condition is more than 97%, 
and the rated output efficiency is more than 97.3%, demonstrating 
the superior performance of the proposed topology.

IV. Modulation Scheme and Control Strategy

A. Modulation Scheme

The single-phase back-to-back three-level power factor cor-
rection converter uses the same-phase carrier wave superim-
posed SPWM modulation technology to achieve pulse signal 
distribution. Fig. 10 shows the principle of the SPWM mod-
ulation used in this paper. It can be seen from Fig. 10 that the 
two sets of triangular carriers of equal frequency and amplitude 
are generated at positive and negative half cycles in the logic 
selection waveform. The modulating waves in each of the four 
regions are compared with the triangular carriers in each layer 
to output three levels, where the modulating waves are divided 
into four intervals (-1, -1/2], (-1/2,0-], [0+,1/2), [1/2,1).

The expression for the reference signal Vref is as follows:

 sin(2π            ) 2ref M M CV V f t V�������������� � �                   (13)

where VM is the peak value of the modulated and VC is the peak 
value of the carrier wave.

The modulation coefficient can be defined as:
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The four carrier signals are represented as follows:
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Fig. 8.  Comparison of losses of six topological devices proposed under differ-
ent output powers.
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The modulation process of BT-PFC-VI topology can be 
divided into four stages, and the switching states of each stage 
are shown in Table VI. In the positive half-cycle, the modula-
tion wave is compared with the dual-layer carrier waves v1 and 
v2 to output modes I, II, and III. When the modulated wave is 
in the interval [1/2,1), compared with the triangular carrier v1, 
if it is greater than the triangular carrier, the mode I signal is 
output, if it is less than the mode II signal is output; when in 
the interval [0+, 1/2), compared with the triangular carrier v2, 
if it is greater than the triangular carrier, the mode two signal 
is output, if it is less than the mode III signal is output. In the 
negative half cycle, the modulated wave is compared with the 
double-layer carriers v3 and v4 in the negative half cycle, and 
the modes IV, V and VI are output. When the modulated wave 
is in the interval (-1/2,0-], compared with the triangular carrier 
v3, if it is greater than the triangular carrier, the mode IV signal 
is output, if it is less than the mode V signal is output; in the 
interval (-1, 2], compared with triangle carrier v4, if it is greater 
than triangle carrier, mode V signal will be output, and if it is 
less than, mode VI signal will be output.

The pulse distribution of the BT-PFC-VI topology is shown 
in Fig. 11, and the mode selection can be distribution accord-
ing to the corresponding switch state in Table IV to obtain the 
three-level waveform. The pulse simulation corresponding to 
BT-PFC-VI is shown in Fig. 12. It can be seen that the adopted 
PWM method demonstrates strong versatility and confirms the 
accuracy of the PWM strategy.

B. Control Strategy

The voltage-current dual closed-loop proportional-integral 
(PI) control strategy used in this paper is shown in Fig. 13. The 
voltage outer loop ensures the stability of the output voltage 

udc, acting as the reference for the current inner loop. The dif-
ference between udc and reference value u*

dc is input to the PI 
controller to create an error signal. This error signal is then ad-
justed by the phase information of the grid voltage Us, resulting 
in the input reference signal i*

L for the current inner loop. The 
reference current i*

L along with the inductance current iL from 
the AC side are input into the PI controller as modulation sig-
nals, which are compared and modulated alongside a triangular 
carrier wave to produce a pulse signal.

Considering the delay of sampling and the small signal char-
acteristics of PWM control, Fig. 14 shows the block diagram 
of the current inner loop controller. Hc(s) is the current inner 
loop controller, i*

s is the system input, and us is the system dis-
turbance. Ti is the sampling period of the current, kpwm is the 
equivalent gain of the rectifier, and the time constant of the 

Fig. 10.  SPWM modulation schematic.
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small inertia link caused by PWM modulation is Ti/2.
Ignoring the fluctuation of us, the transfer function of the PI 

controller can be written as a zero pole expression as follows:
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k k s kH s k
s s
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                 (16)

where kiP and kiI are the proportional coefficient and integral 
coefficient of the current inner loop, respectively.

The open-loop transfer function Hoi (s) of the current inner 
loop is
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Further obtaining the current closed-loop transfer function 
Hci(s) is
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The design of the current inner loop needs to consider the 
tracking speed of the current, adopt the control theory of zero 
pole cancellation, and ignore the sampling of the current signal. 
The closed-loop transfer function can be further simplified as
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The structure of the dual closed-loop control system is 
shown in Fig. 15, where the voltage outer loop is used to main-
tain stable output of the DC side voltage, and a reference cur-
rent in phase with the power supply voltage is obtained through 
a phase-locked loop as the input of the inner loop.

The expression for the PI controller Hv(s) of the voltage out-
er loop is as follows:

 
( ) vP vI

v
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where kvP and kvI are the proportional coefficient and integral 
coefficient of the voltage outer loop, respectively.

The open-loop transfer function Hov(s) of the voltage outer 
loop control system is obtained as follows:
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Therefore, the closed-loop transfer function of the entire cir-
cuit topology control loop can be expressed as
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The amplitude frequency characteristic curves of the cur-
rent inner loop and voltage outer loop are shown in Fig. 16. 
The controller parameters are selected as follows: kiP=9, kiI=1, 
kvP=0.2 and kvI=3.8. Fig. 16(a) shows the amplitude frequency 
characteristic curve of the current loop. It can be seen that the 
open-loop system has a high gain of nearly 50 dB in the low 
frequency range, so the system can effectively resist external 
input disturbances. The cutoff frequency of the open-loop sys-
tem is around 3500 Hz, with a corresponding phase margin of 
about 50°. The system ensures stability while also considering 
dynamic performance. The gain and phase of the system in the 
low-frequency range are both close to 0 dB, indicating that the 
system can follow the changes of the input reference signal 
without steady-state error. Fig. 16(b) shows the amplitude fre-
quency characteristic curve of the voltage outer loop. It can be 
seen that the voltage outer loop system meets the steady-state 
requirements and has advantages such as large gain in the low 
frequency range, small static error, and fast system response. It 
demonstrates excellent dynamic performance and can achieve 
zero static error control for power frequency signals.

V. Experimental Verifications
In this section, the main experimental results obtained with 

the BT-PFC-VI are presented. The controller adopts DSP 
TMS320F28335. Fig. 17 shows the experimental circuit of the 
BT-PFC-VI, while Table VII details the parameters associated 

Fig. 13.  Control system block diagram.
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grid side voltages and currents and the upper and lower capac-
itor voltages are shown in Fig. 19(a). It can be seen from Fig. 
19(a) that the input voltage us in phase with the input current iL 
and meets unity power factor. Fig. 19(b) shows the DC output 
voltage waveforms and the voltage uab between the bridge arms 
a and b. In Fig. 19(b), it can be seen that the voltage between 

Fig. 15.  Block diagram of double-control loop.
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Parameters of the Experimental Circuit

s

P

μ

with the experimental circuit.
Fig. 18 shows the pulse distributions of switches S1~S3, 

which correspond to Table IV and Fig. 11 and are consistent 
with the theoretical analysis. The voltage and current experi-
mental waveforms of the BT-PFC-VI topology under stable 
operation at a rated power of 1 kW are shown in Fig. 19. The 
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the two bridge arms conforms to the operating characteristics of the 
three-level circuit, which is consistent with the theoretical analysis. 
The DC output voltage udc is controlled stably at 400 V. 

Fig. 20 shows the THD of the BT-PFC-VI topology operat-
ing at an output power of 1 kW. As shown in the Fig. 20, the 
experimental THD is 3.22%, which meets the IEC 6100-3-2 
standard (less than 5%). The THD and volume comparison of 

six topologies are shown in Table VIII.
The dynamic response of supply current and voltage with 

switches controlled/uncontrolled is shown in Fig. 21. Fig. 21(a) 
shows the voltage and current waveforms of the BT-PFC-VI 
during the process from controllable to uncontrollable. It can be 
seen from Fig. 21(a) that the current is passed through the diode 
bridge arm, with serious distortion and high harmonic and the 
DC output voltage is stable at about 310 V. Fig. 21(b) shows the 
voltage and current waveforms of the BT-PFC-VI during the 
process from uncontrollable to controllable. In Fig. 21(b), it can 
be seen that the input current effectively follows the voltage and 
the DC side output voltage rises to recover to 400 V.

Fig. 22 shows the waveforms of DC output voltage, split 
capacitor voltage, and input current when the resistive load 
on the DC side jumps between 2 kW and the rated 1kW in a 
steady-state operation of the topology. In Fig. 22(a), it can be 
seen that the simulation depicts the overload condition where 
the load transitions from the rated 1 kW to 2 kW, resulting in 
a brief and small fluctuation in the system. The input current 
amplitude jumps from 3.4 A to 6.1 A, approximately twice the 
rated current of the inductor. The capacitor and input voltage 
remain smoothly transitioning to the rated state without any 
sudden changes, reaching a new stable state after 0.1 s. As 
shown in Fig. 22(b), the topology reaches the stable state of 
1 kW within 0.1 s when the load decreases from 2 kW to the 
rated 1 kW,  meeting the time requirements for load transitions 
in the system.

Fig. 23 shows the input and output voltage and current 
wave forms when the reference voltage on the dc side changes 
abruptly. As shown in Fig. 23(a), the AC side inductor current 

Fig. 18.  Switch pulse distribution waveform of BT-PFC-VI.

Fig. 19.  Voltage and current waveform in steady state. (a) Grid-side voltage 
and current, and the capacitor voltage uC1 and uC2. (b) Input bridge-arm voltage 
uab, the DC output voltage udc.  
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TABLE VIII 
Comparison of THD and Capacity of the Proposed Topology
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Fig. 22.  The dynamic waveforms of load jumping. (a) Experimental results during load jumps from 1 kW to 2 kW. (b) Experimental results during load jumps from 
2 kW to 1 kW.

Fig.23 The dynamic waveforms of reference voltage. (a) Experimental results during the reference voltage increases from 400 V to 500 V. (b) Experimental results 
during the reference voltage increases from 500 V to 400 V.

Fig. 21.  Dynamic response of supply current and voltage with switches controlled/uncontrolled. (a) Controllable process jump to uncontrollable process. (b) Uncon-
trolled process jump to controllable process.
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waveform spikes once and then falls back to a steady state 
when the reference voltage jumps from 400 V to 500V. The 
inductor current still maintains a sinusoidal waveform, and the 
circuit realizes unit power factor correction. The output voltage 
udc on the DC side stabilizes at 500 V after a gentle transition 
of 40 ms. In Fig. 23(b), The input current iL appears briefly 
distorted and then recovers the sinusoidal waveform when the 
DC-side reference voltage drops. The bridge arm voltage sat-
isfies the three-level characteristics and the DC side voltage is 
stabilized after a 20 ms transition. 

VI. Conclusion
A family of single-phase back-to-back three-level power 

factor correction converters is proposed based on the diode 
clamp and T-type three-level topology, which can reduce the 
voltage stress of switch devices. Take the single-phase back-
to-back three-level converter(BT-PFC-VI) as an example to 
explain its circuit topology, operating mode, control and modu-
lation. Finally, an experimental prototype with a rated output of 
1 kW/400 V was built. The experimental results demonstrate 
the feasibility and superiority of the proposed PFC topology.
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Dual-Layer Control Strategy for Wind-Storage 
Combined Frequency Regulation Based on Hybrid 

Energy Storage Lifetime Loss Optimization
Yunlu LI, Guotao SONG, Jinliang HUANG, and Zhouying LIU

Abstract—With the increasing penetration of renewable energy, 
the inertia deficiency in power systems has become more severe. 
Existing wind-storage joint frequency regulation (FR) strategies 
exhibit significant limitations in coordinated control capability 
and energy storage system (ESS) lifetime management. To ad-
dress these challenges, this paper proposes a hierarchical control 
strategy for coordinated optimization of wind farms (WF) and 
hybrid energy storage systems (HESS). First, a multi-constraint 
regulation mechanism is established to dynamically switch power 
operation curves by assessment of frequency and the operating 
states of wind turbine generators (WTG) and HESS. Second, a 
smooth transition algorithm is designed to suppress the frequency 
secondary drop (FSD) by controlling the dynamic trajectory of 
power curves. For HESS, a dual-layer optimization framework 
combining model predictive control (MPC) and fuzzy logic con-
trol (FLC) is employed: the upper layer performs rolling optimi-
zation of control objectives, while the lower layer utilizes FLC to 
allocate power between the supercapacitor and the battery, adjust 
the operation curve, and optimize the battery charging strategy 
based on the state of charge (SOC) and frequency feedback. Sim-
ulation results demonstrate that the proposed strategy reduces 
frequency deviation by 60%-80% and decreases battery lifetime 
loss by more than 20% under various operating conditions. 

Index Terms—Coordinated control, energy storage life optimi-
zation, frequency secondary drop, hybrid energy storage, state of 
charge recovery. 

I. Introduction

UNDER the background of the “dual carbon” goals, efforts 
are dedicated to constructing a new-type power system 

dominated by renewable energy, characterized primarily by 
high-proportion renewable energy integration and power 
electronic devices (abbreviated as “dual-high”) [1]. As the pen-
etration of wind power continues to increase, the grid inertia 
gradually decreases, and the issue of insufficient FR resources 
becomes more prominent. 
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To address the issue of inertia decline, commonly used 
control methods include power reserve [2] and rotor kinetic 
energy utilization [3]. Compared to power reserves, utilizing 
rotor kinetic energy allows the WTG to operate in maximum 
power point tracking (MPPT) mode, thereby making more ef-
ficient use of wind energy. The adaptive adjustment of control 
parameters based on frequency deviation and rate of change of 
frequency aims to improve system stability [4], [5]. However, 
during the rotor speed recovery process, this method leads to 
insufficient active power, which in turn causes FSD [6]. The 
method of improving FSD by adjusting WTG output power 
enhances performance [7], but the fixed control coefficients 
introduce deviations when responding to different frequen-
cy variations. To effectively avoid FSD, a decreasing linear 
function is designed to control rotor speed recovery [8], [9]. 
However, the impact of the current rotor speed on the recovery 
process still needs to be considered.

In recent years, energy storage devices have experienced 
rapid development in renewable energy power stations. Utiliz-
ing the rapid response of supercapacitors and the high energy 
density of batteries, this progress provides novel approaches 
to address frequency-related issues [10], [11]. When the load 
disturbance exceeds the boundary, ESS expands the frequen-
cy stability domain [12]. However, due to poor coordination 
with WTG, the ESS activation speed is slow, resulting in an 
excessively low minimum frequency point. The coordination 
of wind-storage FR is enhanced by limiting torque in combi-
nation with a dual-layer MPC [13]. However, its performance 
is not optimal under large load disturbances. In [14], [15], 
optimized power allocation between wind turbines and ESS 
through MPC effectively improved wind-storage coordination, 
yet failed to consider ESS lifespan and economic performance.

During battery charging and discharging processes, SOC is 
closely related to lifetime loss. Maintaining SOC within the 
60%-80% range typically helps extend battery longevity [16]. 
In [17], a coordinated control strategy for WTG and HESS was 
proposed, leveraging supercapacitors’ rapid response character-
istics to deliver low-latency, high-efficiency FR. However, this 
method neglected the influence of SOC on battery lifetime loss. 
The author uses a WF and ESS coordinated frequency support 
strategy based on a state machine algorithm [18], which keeps 
the SOC between 70% and 80%. Nevertheless, the strategy 
suppressed ESS frequency support capability due to excessive 
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adaptive feedback power. Furthermore, by using a droop con-
trol curve to set the exchange power for SOC recovery and 
maintaining SOC at a higher level, both SOC recovery and 
FR occur simultaneously, which interferes with the frequency 
response performance [19]. In [20], adaptive power is provided 
for SOC recovery to maintain SOC at specific levels between 
50% and 80%. The author enhances the coordination between 
the WF and ESS through a dual-layer control strategy and op-
timizes the SOC recovery process to minimize power purchase 
costs [21]. However, maintaining the SOC at 50% overlooks 
the impact of this operating condition on battery lifespan deg-
radation.

In summary, this paper proposes a novel coordinated FR 
strategy that integrates WF and HESS, addressing key chal-
lenges in inertia deficiency, battery lifespan degradation, and 
dynamic coordination. Different from traditional methods 
that treat frequency control and battery health separately, the 
proposed method achieves adaptive, closed-loop optimization 
across multiple control layers. The main contributions are as 
follows:

1) This paper, for the first time, introduces a dynamic switch-
ing mechanism of WTG power curves based on the SOC, 
overcoming the limitations of traditional fixed control curves. 
By adjusting power output according to real-time operating 
conditions, the proposed method effectively suppresses abrupt 
changes in electromagnetic power and mitigates the FSD, re-
ducing frequency deviation by more than 60%.

2) A novel dual-layer FR control framework combining 
MPC and FLC is proposed. The upper-layer controller enables 
dynamic adjustment of multi-objective optimization, while 
the lower-layer controller achieves precise power allocation 
between the supercapacitor and the battery. This approach sur-
passes conventional single-layer or empirical rule-based con-
trol strategies, realizing a coordinated optimization of control 
performance and battery lifetime, with a reduction in lifetime 
degradation exceeding 20%.

3) A closed-loop SOC recovery mechanism is proposed that 
feeds back multi-cycle SOC deviation into a dedicated frequen-
cy domain, enabling the system to dynamically adjust charging 
commands and gradually restore SOC to its target range. This 
feedback mechanism enhances system sustainability across 
long-term FR operations, which is rarely addressed in existing 

literature.
The remainder of this paper is as follows. Section II intro-

duces the frequency response characteristics. Section III im-
proves the wind turbine’s inertia control. Section IV introduces 
the HESS control strategy. Section V verifies the proposed 
strategy.

II. Frequency Response Characteristics
The overall structure of the wind-storage coordinated FR 

system is illustrated in Fig. 1. In this framework, ΔPW denotes 
the additional active power of the WTG; f represents the grid 
frequency; Lloss is the battery lifetime loss coefficient. SOCHES, 
SOCba, and SOCsc denote the SOC of the HESS, battery, and 
supercapacitor, respectively, while PHES, Pba, and Psc correspond 
to their respective power outputs. The MPC controller optimiz-
es the power command based on the grid frequency and HESS 
status, and the output is distributed between the battery and 
supercapacitor through the FLC. The SOC is further fed back 
to the additional power control loop to dynamically adjust the 
output of the WTG.

To investigate the frequency response characteristics of 
wind-storage hybrid systems, a model is established, as shown 
in Fig. 2. Δf(s), ΔPL, ΔPG, and ΔPHES represent frequency 
deviations, load power fluctuations, traditional unit power 
fluctuations, and HESS power fluctuations, respectively; Kd 
and Kp denote the wind turbine inertia coefficient and droop 
coefficient; Hsys represents the grid equivalent inertia constant;   
D corresponds to the grid equivalent damping coefficient; KHd  
and KHp specify the HESS inertia coefficient and droop coef-
ficient; 1/R signifies the unit regulation power coefficient of 
conventional units.

G1(s) represents the transfer function of the conventional 
unit:

H    R

                     (1)

                                  (2)

where TG, FH, TR, TC, and THES denote the time constant of the 

Fig. 1.  Overall structure of the wind-storage joint system. Fig. 2.  Frequency response model.
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thermal power unit, the reheater gain, the reheat time constant, 
the turbine time constant, and the HESS response time con-
stant, respectively.

From Fig. 2, the frequency response analytical expression of 
the system is obtained as:

  (3)

It can be observed that increasing Kd and KHd are equivalent 
to increasing the equivalent inertia constant of the power grid, 
while increasing Kp and KHp corresponds to increasing the 
equivalent damping coefficient of the power grid in (3).

When a power imbalance ΔPL occurs, the initial rate of 
change of frequency is determined by the system’s inertia. 
Neglecting the initial influence of damping control, the rate of 
change of frequency can be expressed as:

L

                       (4)

where dΔf/dt is the rate of change of frequency.
By applying the final value theorem to analyze the power 

system under a load disturbance ΔPL, the steady-state frequen-
cy deviation Δf can be expressed as:

                                 (5)

                      (6)

According to (4)-(6), the rate of change of frequency and 
frequency deviation are directly proportional to the load dis-
turbance and inversely proportional to the equivalent inertia 
coefficient and equivalent damping coefficient.

III. Inertial Response and Optimal Control of 
Wind-Storage Combined System

A. Inertia Response Phase

WTGs typically operate in MPPT control mode to capture 
as much mechanical power as possible. The mechanical power 
captured under this mode, denoted as PMPPT, is expressed as:

MPPT opt r

opt opt π
                     (7)

where PMPPT is the mechanical power; kopt is the maximum 
power coefficient; ωr is the rotor speed; ρ is the air density; R is 
the rotor radius; Cpmax is the maximum wind energy utilization 
coefficient, and λopt is the optimal tip speed ratio.

Before the system experiences a disturbance, the WTG oper-
ates stably at point A (as shown in Fig. 4). When a disturbance 
occurs, the WTG begins to absorb or release rotor kinetic en-
ergy, exhibiting an equivalent inertia response. This dynamic 
process can be expressed as:

Jωr dωr / dt = PMPPT - Pe                                (8)

where J is the moment of inertia, and Pe is the electromagnetic 
power.

As analyzed in the previous section, by adjusting the iner-
tia and droop coefficients, the inertial response and damping 
characteristics of conventional synchronous generators can be 
emulated. At this time, the WTG output active power is:

Pref,1 = PMPPT + ΔPW                                 (9)

ΔPW = Kd dΔf/dt + Kp Δf                           (10)

The HESS typically employs an inertia-droop integrated 
control strategy (as shown in Fig. 3) to leverage its fast FR ca-
pability, where [ fdmin, fdmax]  represents the frequency deadband.

ΔPHES = KHd dΔf/dt + KHp Δf                       (11)

In the inertia response phase of conventional wind-storage 
coordinated systems, inertia and droop coefficients are typ-
ically tuned to reduce dΔf /dt and Δf. However, this tuning 
process often neglects the operational safety of the WTG and 
the HESS. To address this, this paper incorporates WTG rotor 
speed and HESS SOC constraints into the coefficient tuning 
process, effectively preventing the rotor speed from dropping 
to the F-point and triggering generator tripping. Additionally, 
the power operation curve is dynamically adjusted based on 
the HESS state (as shown in Fig. 4), thereby enhancing the co-
ordination and operational safety of the wind-storage system.

Y. LI et al.: DUAL-LAYER CONTROL STRATEGY FOR WIND-STORAGE COMBINED FREQUENCY REGULATION 

Fig. 3. Traditional control strategy of HESS.

Fig. 4. Power variation curve of the wind turbine generator.
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d d

r

d

p

                (12)

where δ is the wind turbine adjustment coefficient; ωmin and   
ωmax are the minimum and maximum rotational speeds of the 
WTG; m1 and m2 are the adjustment coefficients.

The coefficient m1 in (12) is determined based on the rotor 
time constant of the WTG to ensure the smoothness of the 
inertia response process and to avoid abrupt changes that ex-
ceed the mechanical system’s response capability. The design 
of coefficient m2 takes into account the filtering characteristics 
and actuator delays in the control system, thereby ensuring the 
accurate execution of control commands. The specific values 
of both coefficients are obtained through simulation tests under 
various disturbance scenarios, aiming to achieve an optimal 
balance between fast dynamic response and control stability.

η is the control coefficient determined based on the feedback 
SOC information:

ref                         (13)

where α is the adjustment coefficient, and SOCref is the target 
value.

The adjustment coefficient α in (13) regulates the active 
power output of the WTG by modulating the coefficient η, 
ensuring that the output power weight η undergoes significant 
changes when the SOC deviates from its target value. This 
enables effective regulation of the HESS state while avoiding 
excessive impact on system frequency stability. The value of α 
is determined based on the SOC-lifetime characteristic curve 
provided by the battery manufacturer, such that the system’s 
frequency response capability appropriately decreases when 
the SOC approaches its boundary. Through simulation analy-
ses under various disturbance scenarios for different α values, 
the optimal parameter is selected to ensure good control perfor-
mance and robustness under multiple operating conditions.

B. Power Optimization During Rotor Speed Recovery Phase

According to (9), when the WTG exits FR, its output power 
instantly decreases by ΔPW (corresponding to C-D in Fig. 4) 
and switches back to the MPPT mode, entering the rotor speed 
recovery phase. This results in a power deficit and induces the 
FSD phenomenon. 

This paper improves the power curve during the rotor speed 
recovery process (C-E-A in Fig. 4). According to [22], the con-
dition for speed recovery is:

| ωr(t + T ) - ωr(t) | ≤ 4 × 10-7 p.u.                    (14)

(14) describes the key characteristic point during the inertia 
response process of the WTG, where the rotor speed decreases 
to a minimum value and then begins to recover. At this mo-

ment, the rate of change of rotor speed dωr/dt ≈ 0, indicating 
that the rotor speed tends to stabilize and reach its lowest point. 
This marks the end of the inertia release stage, and the system 
enters the rotor speed recovery phase. This criterion is consis-
tent with the dynamic characteristics of the inertia response of 
the WTG.

If the rotor speed of the WTG satisfies (14), it can be deter-
mined that the system has entered the speed recovery phase. At 
this point, the reference power is given by:

ref ref off

offr

off

              (15)

In (15), ωoff and toff represent the rotor speed and time at the 
point of rotor speed convergence, respectively, and μ is the ad-
justment coefficient.

Finally, when the power curve reaches point E in Fig. 4, Pref,2 
= PMPPT(ωE). Subsequently, the WTG restores the rotor speed 
along the MPPT curve (E-A in Fig. 4). At this stage, the output 
reference power is:

Pref,3 = PMPPT(ω) = koptωr
3ωr ＞ ωE                  (16)

IV. Coordinated Optimization of Battery Lifetime 
and Frequency Regulation

A. Battery Lifetime Loss Model

The HESS studied in this paper mainly consists of batteries 
and supercapacitors, with supercapacitors having a longer lifes-
pan compared to batteries. And its lifespan can be considered 
constant over a certain planning horizon [23].

The remaining lifespan of the battery is primarily reflected 
in its effective capacity. When the capacity degrades to 80% of 
its rated value, it is considered the end of its lifespan [24]. The 
calculation formula for the throughput method is:

 
thr

ba                           (17)

where Ethr is the average total energy throughput; Eba is the rat-
ed capacity of the battery; DODi is the depth of discharge for 
the i-th test; Ni is the total number of cycles for the i-th test; n is 
the total number of tests conducted.

The lifetime loss coefficient Lloss can be used to measure the 
degree of battery lifetime loss:

Lloss = Eloss / Ethr                                 (18)

where Eloss is the energy throughput of the battery in cycle T.
In the actual charging and discharging process of the battery, 

operating at a low SOC increases its energy throughput. There-
fore, the equivalent energy throughput of the battery can be 
expressed as [25]:
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   (19)

loss ba d                        (20)

where Pba(t) is the charge and discharge power value of the bat-
tery at time t, and f [SOC(t)] is the energy throughput weight 
factor associated with the SOC.

B. Upper-Layer MPC Frequency Regulation Strategy

The dynamic frequency model of the power grid is given by:

L G W

                    (21)

where  is the actual frequency of the power grid; PG is the ac-
tive power of the traditional unit; PW is the active power of the 
WTG, and f0 is the rated frequency of the power grid.

By applying the Euler method, (21) can be discretized as:

HES

S S

         (22)

where TS is the discrete-time constant; k represents the time 
step of control, and PHES(k) = Pba(k) + Psc(k).

Without considering the charging and discharging efficiency 
of batteries and supercapacitors and losses of converters, the 
discrete equation is:

ba ba

ba

ba

sc sc

sc

S

S

                (23)

where Esc is the rated capacity of the supercapacitor.
The HESS system is predominantly composed of high-ca-

pacity batteries; thus, the overall SOC of the HESS is primarily 
determined by the SOC of the battery. Consequently, (23) can 
be uniformly expressed as:

HES HES

S             (24)

where EHES is the total rated capacity of HESS, EHES = Eba + Esc.
According to (18)-(20), the discrete equation for battery 

lifetime loss can be expressed as:

loss loss

HES baS     (25)

The HESS must satisfy the following constraints:

HESmin HESmaxHES

HESmax HESmaxHES

                   (26)

where SOCHESmin and SOCHESmax represent the minimum and 
maximum SOC of the HESS, respectively, and PHESmax is the 

maximum power of the HESS.
During frequency fluctuation suppression, the SOC of the 

HESS directly affects its FR capability and lifespan. To ensure 
charging margin, the SOC target is set to 75% in this paper. 
Based on this, an FR capability function, ρ(SOC), is proposed 
to describe the relationship between SOC and FR capability.

        (27)

where r1 and r2 represent the smoothing coefficients.
The selection of r1 and r2 is based on the transition slopes 

of the weighting function near β1 and β2, combined with simu-
lation tuning. This design ensures that the weighting function 
rapidly decreases when the SOC approaches the boundaries, 
while maintaining continuity and smoothness, thereby avoid-
ing severe fluctuations or numerical instability in the control 
system.

Fig. 5 shows that when the SOC is within the [β1, β2] range, 
the HESS exhibits stronger FR ability. When SOC ＜ β1, dis-
charging accelerates battery lifespan degradation, the WTG 
output should be increased; when SOC ＞ β2, insufficient 
charging headroom compromises the battery’s health. Based on 
this, ρ(SOC ) is incorporated into the MPC objective function as 
a weighting coefficient.

HES HES ref

HES

loss
HES

HESrata

                 (28)

where PHESrate is the rated power of the HESS; λ and γ are the 
weighting coefficients, and p represents the prediction horizon.

C. Lower-Level Dynamic Power Allocation Optimization Strat-
egy for HESS

In practical systems, to prolong the lifespan, the filter time 
constant is typically adjusted via SOC feedback to avoid over-

Fig. 5. Frequency regulation capability function.
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charging and over-discharging [26]. The FLC can control the 
system by converting the SOC differences into corresponding 
control variables through preset logical rules [27]. Based on 
this approach, the membership functions of the fuzzy controller 
are established, as shown in Fig. 6. 

The transfer function of the first-order high-pass is given by:

Hhigh(s) = s / (1+TS)                               (29)

where T is the filter time constant.
The cutoff frequency fc is:

fc = 1 / (2πT)                                   (30)

The system operates in two conditions based on grid fre-
quency: discharge and charge. By adjusting the cutoff frequen-
cy, high-frequency power is allocated to the supercapacitor, 
while low-frequency power with a longer time scale is assigned 
to the battery. This enables real-time switching of the HESS 
operation curve, as illustrated in Fig. 7.

The FR control strategy process for the wind-storage hybrid 
system proposed in this paper is shown in Fig. 8.

V. Case Analysis
In this study, a wind-storage hybrid system model, as shown 

in Fig. 9, was built in MATLAB/Simulink to verify the effec-
tiveness of the proposed strategy. The model includes a wind 
turbine unit, two synchronous generator units, a HESS, a vari-
able load, and three loads with a total capacity of 250 MW. 
Detailed parameters of the system are listed in Table I.

A. Effectiveness Analysis of the Improved Wind Turbine Fre-
quency Regulation Strategy

To demonstrate the FR effect, this section compares four 
strategies under the conditions of a rated wind speed of 10 m/s 
and load disturbances of 0.1 p.u., 0.15 p.u., and 0.25 p.u. at 10 
seconds: MPPT, traditional fixed coefficient control, adaptive 
coefficient control, and the proposed optimization power curve 

Fig. 6. Membership function of input. (a) SOCba during discharge. (b) SOCsc 
during discharge. (c) SOCba during discharge. (d) SOCsc during discharge.

Fig. 7. HESS power operation curve.

Fig. 8. FR flowchart of the wind-storage joint system.

Fig. 9.  The outline of the test system.
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control strategy for suppressing FSD.
Fig. 10 illustrates that under a 0.1 p.u. load disturbance, the 

proposed control strategy utilizes WTG’s FR capability more 
effectively than other strategies, raising the minimum grid fre-
quency to 49.81 Hz and increasing the peak WTG electromag-
netic power to 0.45 p.u. Additionally, during the speed recovery 
process, it smooths the decline in WTG electromagnetic power, 
thereby preventing the FSD phenomenon and maintaining a 
minimum value of 0.3 p.u., which is more than 15.4% higher 
than that of other strategies.

As seen in Fig. 11, under a 0.25 p.u. load disturbance, the 
proposed control strategy can still effectively ensure that the 
system frequency remains within a safe threshold. However, 
after the wind turbine generator fully responds to the FR de-
mand, the rotor speed drops to the minimum value (0.7 p.u.), 
indicating that the FR capability has reached its limit. When 
the load disturbance exceeds 0.25 p.u., the FR capability of 

the wind turbine alone can no longer meet the system’s FR 
requirements. In such cases, the fast response capability of the 
HESS is needed to provide additional frequency support when 
large load disturbances occur.

B. Coordinated Output Analysis of Wind-Storage System under 
HESS Lifespan Optimization

To verify the effectiveness of the HESS in optimizing lifes-
pan and assisting wind turbine FR, this study compares four 
MPC strategies under a 0.15 p.u. step load disturbance: 

MPC Method 1, a multi-objective optimization strategy 
without a power allocation mechanism; MPC Method 2, which 
optimizes for frequency stability at 50 Hz only; MPC Method 3, 
which implements the MPC control strategy from [28], main-
taining the SOC at 50% while assisting the WTG in FR; The 
proposed strategy, an improved multi-objective optimization 
strategy that introduces a dynamic power allocation mecha-
nism and adaptively adjusts weight coefficients.

The data in Fig. 12(a) show that as the load increases, the 
battery’s lifetime loss gradually rises from 0.001% to 0.004%. 
Particularly under high-load disturbances, the battery under-
takes more FR tasks, accelerating capacity degradation. There-
fore, it is necessary to balance the battery’s power during the 
FR process to reduce excessive battery usage.

At 10 s, a 0.15 p.u. step load disturbance occurs. Simulation 
results (as shown in Figs. 12(b) and 13) demonstrate that, 
compared to the baseline scenario without HESS configura-
tion, all four MPC strategies can improve the system’s lowest 
frequency point by over 60%, with a faster dynamic response. 
Compared to the proposed strategy, while the MPC Method 
2 slightly improves the minimum frequency point, the peak 
discharge power of the battery reaches 0.57 p.u., an increase of 
26.6%, which accelerates battery degradation. MPC Method 
3, with ESS SOC maintained around 50%, leads to increased 
lifetime loss, with the loss curve rising to 0.0025%. In contrast, 
the proposed strategy reduces the growth of lifetime loss by 

Fig. 10. Comparison results under 0.1 p.u. load disturbance. (a) Grid frequency. 
(b) WTG power.

Fig. 12. Comparison results of system parameters. (a) Lifetime loss. (b) Grid 
frequency. (c) DOD. (d) Method comparison.

Fig. 11. Comparison results under 0.1-0.25 p.u. load disturbance. (a) Grid 
frequency. (b) WTG rotor speed.

TABLE I
System Parameters

                                  (a)                                                                (b)

                                     (a)                                                               (b) 

                                    (c)                                                            (d) 

                                   (a)                                                               (b)

Parameter Value Unit

WTG

Quantity 40 unit

Rated power 1.5 MW

Inertia constant 5 s

Battery
Rated capacity 2 MWh

Initial SOC 75 %

Supercapacitor
Rated capacity 0.5 MWh

Initial SOC 75 %

Synchronous machine
Quantity 2 unit

Rated power 100 MW
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allocating high-frequency power to the supercapacitor, keeping 
the battery output peak below 0.45 p.u.

A comparison of the HESS DOD and lifetime loss across the 
four MPC strategies, as illustrated in Figs. 12(c) and (d) lead to 
the following conclusions: The proposed control strategy can 
reduce the battery’s DOD to a maximum of 19% compared to 
the other three MPC methods. Compared to MPC Method 1, 
the proposed strategy can reduce battery lifetime loss by ap-
proximately 5.3%; compared to MPC Method 2, it can reduce 
it by approximately 22%; and compared to MPC Method 3, it 
can reduce it by approximately 28%.

C. Analysis of Frequency Response and Battery Lifespan Opti-
mization under Different Scenarios

In practical operation, the SOC of the HESS will continu-
ously fluctuate. If the optimization strategy proposed in this pa-
per is not implemented, the SOC may rise to 90% or drop close 
to 20%, significantly weakening its FR capability. Therefore, 
it is essential to restore the SOC to the target range [21]. Given 
the stochastic nature of daily load fluctuations, this section sets 
up six simulation scenarios (as shown in Table II) to verify the 
effectiveness of HESS frequency response and lifespan opti-
mization under different initial SOCs and random load fluctua-
tions (as shown in Fig. 14).

As shown in Figs. 15(a) and 15(c)-(d), the frequency de-
viation in all six scenarios meets the grid requirements. The 
detailed analysis is as follows:  

In Scenarios 1 and 2, the HESS operates under an extreme-
ly low SOC condition, with an initial value of 20%. When a 
sudden load increase occurs, the proposed multi-objective op-
timization strategy dynamically adjusts the power trajectories 
of both the WTG and HESS, thereby enhancing the utilization 
of the wind turbine’s rotational kinetic energy. In contrast, 
MPC Method 2 does not modify the power curve, resulting in 
increased HESS output. During the load reduction phase, the 
control strategy in Scenario 1 maintains constant WTG output 
while prioritizing HESS charging, resulting in a lower frequen-
cy peak compared to Scenario 2.

Compared to Scenarios 3 and 4, the lower initial SOC in 
Scenario 1 leads to a more pronounced effect of the control 
strategy. In Scenario 6, the HESS starts with a higher SOC 
and is therefore capable of handling a larger share of the FR 
task, which reduces the need to extract kinetic energy from the 
WTG rotor. However, during the load shedding stage, as the 
SOC approaches saturation, the control strategy stabilizes the 
frequency by reducing the WTG output, resulting in a 60% in-
crease in the frequency peak relative to Scenario 1. In Scenari-
os 4 and 7, due to the adoption of single-objective optimization 
in the MPC controller, the frequency response characteristics 
of both scenarios are nearly identical. In contrast, Scenarios 5 
and 8 incorporate SOC-tracking constraints, enabling dynamic 
power allocation between the HESS and WTG. Nevertheless, 
due to a lower initial SOC in Scenario 8, its charging power is 
significantly higher than that in Scenario 5.
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Fig. 13. Comparison of parameter variations. (a) Battery power. (b) WTG 
power. (c) Lifetime loss.

Fig. 14. Load variation.
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TABLE II
Simulation Scenario

Scenario Initial SOC MPC Method Load Disturbance/p.u.

1 20% The proposed strategy -0.15~0.25

2 20% MPC method 2 -0.15~0.25

3 40% The proposed strategy -0.15~0.25

4 40% MPC method 2 -0.15~0.25

5 75% The proposed strategy -0.15~0.25

6 90% The proposed strategy -0.15~0.25

7 90% MPC method 2 -0.15~0.25

8 50% MPC method 3 -0.15~0.25
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Figs. 15(b)-(e) present a detailed analysis of battery lifetime 
loss under six scenarios as follows:

Compared to Scenario 2, Scenario 1 reduces battery life-
time degradation by approximately 13% through switching 
the power trajectories between the HESS and WTG, and by 
dynamically adjusting the cutoff frequency based on the FLC, 
thereby enhancing the supercapacitor’s ability to respond to 
high-frequency power components. Due to the higher initial 
SOC in Scenario 3, its lifetime loss is reduced by 8% and 20% 
compared to Scenarios 1 and 4, respectively. In Scenario 5, the 
HESS consistently operates in a high SOC range, resulting in 
an additional 33% reduction in lifetime loss compared to Sce-
nario 3. Although Scenario 6 also maintains a high SOC level, 
it releases more power to reserve charging capacity, increasing 
the energy throughput.

During the frequency response process, Scenario 6 actively 

increases power output to restore SOC during frequency drops, 
whereas Scenario 7 fails to effectively reduce charging power 
during frequency rises, resulting in slightly higher lifetime loss 
than Scenario 6. Although Scenario 8 incorporates SOC con-
straints, it operates under a persistently low SOC range, leading 
to significant lifetime loss. In contrast, the optimized strategy 
adopted in Scenario 5 significantly improves the SOC operat-
ing range, reducing battery lifetime loss by up to 43%.

Figs. 15(c)-(h) illustrate that, compared to Scenario 2, Sce-
nario 1 dynamically coordinates the power output between the 
HESS and WTG based on the SOC level, reducing the dis-
charge power of the HESS while increasing its charging power. 
Meanwhile, the FLC optimizes power allocation according to 
the SOC difference between the battery and supercapacitor, 
enabling the SOC to be restored to the target level and thereby 
preparing the system for subsequent FR tasks. Compared to 

Fig. 15. Comparison results under different scenarios. (a) Frequency deviation. (b) Lifetime loss. (c) WTG power. (d) Battery power. (e) Supercapacitor power. (f) 
Battery SOC. (g) Battery SOC. (h) Supercapacitor SOC.
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Scenarios 3 and 4, Scenario 1 starts with a lower initial SOC 
and exhibits a faster recovery rate.

In the comparison between Scenarios 6 and 7, Scenario 6 ad-
justs the cutoff frequency during the frequency drop phase, al-
lowing the battery to supply more power while the supercapac-
itor primarily suppresses high-frequency components. During 
the frequency rise phase, the WTG output is reduced, and the 
HESS halts charging, facilitating the restoration of SOC to its 
target level. Both Scenarios 5 and 8 adopt a dual-layer control 
strategy that maintains the SOC near the target value.

VI. Conclusions
Based on an in-depth analysis of the causes of FSD and 

the mechanisms of battery lifetime loss, this paper proposes a 
novel coordinated control strategy. The key conclusions are as 
follows:

1) A multi-state constraint-based mechanism is introduced 
to dynamically switch the WTG power curve in real time. The 
study reveals that FSD amplitude is not only affected by con-
trol parameters but is also closely related to rotor speed. By op-
timizing the power trajectory, the proposed method effectively 
suppresses FSD and reduces frequency deviation by 60%-80% 
compared with conventional methods.

2) A dual-layer FR control framework based on MPC and 
FLC is developed. The upper-layer MPC optimizes power 
commands by jointly considering frequency deviations and 
HESS states, while the lower-layer FLC allocates power 
between the battery and supercapacitor based on their SOC 
differences. This strategy leverages the complementary char-
acteristics of the battery and supercapacitor, reducing battery 
lifetime degradation by over 20% and maintaining SOC within 
a healthy range.

3) To address the limitation of traditional methods where 
strict SOC constraints hinder subsequent FR tasks, a SOC 
recovery mechanism oriented toward multi-cycle FR is pro-
posed. This approach feeds SOC deviations back into the con-
trol loop, gradually restoring the battery state to ensure that the 
HESS can continuously and reliably participate in FR tasks.
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Electromechanical Coupling Resonance Analysis 
and Compensation Strategy of IPMSM Drive System 

Considering Current Measurement Offset Error
Xinglai GE, Yangjing LIU, Yun ZUO, and Huimin WANG

Abstract—The current measurement offset errors (CMOEs) 
raise concerns regarding the performance degradation of interior 
permanent-magnet synchronous motor (IPMSM) drive system. 
Considering this, a detailed analysis of the impact of CMOE is 
conducted in this paper, and a compensation strategy is proposed. 
Based on the established dual-inertia model of the IPMSM drive 
system, the effects of CMOE on electromechanical coupling res-
onance are analyzed. Furthermore, the CMOE compensation 
scheme based on an improved adaptive observer is designed to 
eliminate these adverse effects. In the proposed compensation 
scheme, adaptive gains are designed to ensure effective compen-
sation performance at different speeds. In addition, the proposed 
compensation scheme is decoupled from vector control and has a 
relatively small impact on the control performance of the motor. 
Finally, extensive tests are conducted to validate the effectiveness 
of the proposed method. 

Index Terms—Adaptive current measurement offset error (CMOE) 
observer, CMOE, electro-mechanical coupling resonance, interior 
permanent-magnet synchronous motor (IPMSM) drive system.

I. Introduction

INTERIOR permanent-magnet synchronous motors (IPMSMs) 
are widely used in subways, electric vehicles and other fields 

due to high reliability and good dynamic performance [1], [2]. 
Various control strategies for IPMSMs, such as vector control 
and direct torque control, have been extensively studied over 
the past few decades. To ensure high performance of these 
control methods, precise measurement of motor current is still 
a basic prerequisite [3]. 

However, due to factors such as prolonged operation, 
temperature drift and aging, the process of sampling motor phase 
currents inevitably introduces offset errors, even in well-con- 
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structed systems [4], [5]. These DC offsets in the measured phase 
currents can induce torque ripples in IPMSM drives which are 
typically interconnected with mechanical components. Meanwhile, 
torque ripples in the traction motor can trigger electromechanical 
coupling resonance, amplifying system vibrations significantly 
[6]-[8]. Prolonged exposure to such vibrations can accelerate 
mechanical shaft fatigue, shortening the lifespan of 
mechanical components [9], [10]. As such, it’s essential to 
analyze the electromechanical coupling resonance induced by 
current measurement offset error (CMOE) and implement 
effective suppression strategies.

Many studies have analyzed the impact of CMOE on 
permanent-magnet synchronous motor (PMSM) drive systems 
[11]-[17]. As noted in [11] and [12], CMOE causes DC offsets 
in the measured phase currents of PMSMs. These DC offsets 
result in fundamental-frequency components in the d- and q-axis 
currents. Moreover, CMOE adversely impacts the motion 
performance of PMSM drive systems [13], [14]. Even with 
closed-loop motor control, CMOE can still induce motor torque 
ripples and undesirable fluctuations in rotational speed [15], 
[16]. Previous studies concentrate primarily on the electrical 
aspects of PMSM drive systems, including motor current, 
torque, and rotational speed [17]. However, these studies have 
not considered the resonance problem caused by the coupling 
of electrical and mechanical components. This issue requires 
further analysis to fully understand and mitigate the impact of 
CMOE on the IPMSM drive system.

To mitigate the influence of CMOE, various error calibration 
methods for current sensors have been proposed. They can 
be divided into two main categories: one mitigates the effects 
induced by CMOE, while the other directly estimates and 
compensates for CMOE itself. The first category focuses 
on mitigating the effects without directly estimating CMOE 
through resonant controllers [18], harmonic elimination 
algorithms [19], [20], and iterative self-learning controllers 
[21]. In addition to extensive computational requirements 
and complex structural design, these methods cannot directly 
compensate for the CMOE itself. The second category aims at 
estimating and directly compensating for CMOE itself [22]-
[27]. The simplest attempt is to update and correct the offset 
error during motor shutdown or initial operation [14], but this 
approach cannot compensate for the offset error that results from 
temperature after long-term operation. In [22], a calibration 
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strategy based on the detection voltage injection method was 
introduced, which is simple to implement. However, sampling 
noise can cause deviations in error parameter estimation and 
compensation, resulting in poor dynamic performance. In [23], 
the estimated CMOE value was obtained from the reference 
voltage provided by the current controller, leading to concerns 
about dynamic performance. A new method for decoupling 
the interference from the outer loop speed controller in CMOE 
correction was proposed in [24], but it encounters current 
controller saturation issues. Furthermore, both methods are coupled 
with vector control, limiting their flexibility in application. In 
[25], a fast CMOE calibration method with high reliability 
was proposed, which is not limited by vector control methods. 
However, this method is only applicable to dual PMSMs, and 
the motor inductance cannot be too small. In [26] and [27], a 
PI-type observer designed in the stationary reference frame 
for CMOE compensation was proposed, which is decoupled 
from the vector control and flexible to apply. However, it 
is susceptible to disturbances from varying-frequency AC 
components. Further research is required to address the issue of 
interference caused by the AC components.

Based on the aforementioned issues, this paper establishes 
a dual-inertia model of the IPMSM drive system and analyzes 
the influence of CMOE on the IPMSM drives. Subsequently, 
an improved adaptive observer is proposed to compensate for 
CMOE. The proposed method can mitigate the interference from 
variable-frequency AC components, and has a minimal impact 
on motor control performance. The effectiveness of the proposed 
method is verified on both a 3kW IPMSM experimental platform 
and a hardware-in-the-loop (HIL) platform.

This paper is organized as follows: Section II analyzes 
electromechanical coupling resonance in the IPMSM drive 
system induced by CMOE. In Section III, the limitations of 
the conventional PI-type CMOE observer are pointed out, 
and an improved CMOE compensation method is proposed. 
Subsequently, experimental tests are conducted to validate the 
proposed method, and the results are presented in Section IV. 
Finally, Section V presents the conclusions of this study.

II. Electromechanical Coupling Resonance 
Caused by CMOE

Based on the established dual-inertia IPMSM drive model, 
the effects of CMOE on electromagnetic harmonic torque and 
its potential to cause electromechanical resonance are analyzed 
in this section.

A. Effects of CMOE

The electromagnetic torque of IPMSMs can be expressed as 
(1), where np is the number of pole pairs, ψf is the permanent 
magnetic flux linkage, Ld and Lq are the d- and q-axis 
inductances, isd and isq are the value of the d- and q-axis stator 
currents, respectively. 

 1.5 ( )
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It can be observed that the torque is directly influenced 

by isd and isq. Therefore, the impact of CMOE on isd and isq 
needs to be explored. Since the sum of three-phase currents 
is 0, two current sensors are usually installed to measure the 
phase currents of IPMSM. isa_m, isb_m, ∆isa_off, and ∆isb_off are 
the measured values and the CMOEs of a- and b-phase stator 
currents. The vector-controlled IPMSM drive system under the 
influence of CMOEs is shown in Fig. 1. 	

The relationship between the actual phase current isa and isb 
and the measured values can be expressed as 
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With (2), the stator currents measured in the α-β reference 
frame as
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where isα_m, isβ_m, isα, isβ, ∆isα_off, and ∆isβ_off are the measured 
values, the actual values of the α- and β-axis stator currents, 
and the DC offset errors in the α- and β-axis stator currents, 
respectively.

It can be further derived that
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where isd_m, isq_m, isd, isq, ∆isd_off, and ∆isq_off represent the measured 
values, the actual values, and the offset errors of the d- and 
q-axis stator currents. ωr is the electrical angular speed in the 
stationary reference frame. Idc and φ represent the amplitude and 
initial phase of the CMOEs on the d- and q-axis offset errors, 
respectively. 

Fig. 1.  Vector-controlled IPMSM drive system considering current measure-
ment offset errors.
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Based on the above derivation, the effect of CMOE on 
electromagnetic torque can be expressed as
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Since the difference between Ld and Lq in an IPMSM is 
relatively small, (6) can be rewritten as

 0 2 0 1
cos( )

e e e r
T T T t� �� � �                        (7)

where Te0 is the actual electromagnetic torque, T2e0 and φ1 
represent the amplitude and initial phase of the disturbance 
torque caused by CMOE. As shown in (7), CMOE introduces 
harmonics at the fundamental stator electrical frequency into 
the electromagnetic torque of the IPMSM.

Applying the Laplace transform on (7) and neglecting φ1 to 
simplify the analysis, we can obtain
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B. Electromechanical Coupling Resonance Analysis

The structure of IPMSM drive system is complex. The 
mechanical drive device and the electrical system together 
constitute an electromechanical coupling system. Taking the train 
traction drive system based on IPMSM as an example, the basic 
mechanical driveline, as depicted in Fig. 2, comprises a traction 
motor, a shaft coupling, a gearbox, and the wheel-rail interface. 

To analyze the electromechanical coupling resonance caused 

by CMOE, the IPMSM mechanical drive is equivalently 
simplified into the dual-inertia model. Fig. 3 shows the dual-
inertia model of IPMSM drives. Te, Tw and Tl are the motor 
electromagnetic torque, the shaft torque, and the load torque, 
respectively. D, K, Jm and Jl are the damping coefficient, 
stiffness of the transmission shaft, the rotational inertias of the 
IPMSM and the mechanical load, respectively. θm, θl, ωm and 
ωl are the rotational angles of the motor shaft, the mechanical 
load shaft, the angular velocities of the motor shaft and the 
mechanical load shaft, respectively. 

According to Newton second law, the dynamic differential 
equations governing the drive system can be expressed as 	
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With the Laplace transform, it can be further derived as
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The LTI model of the dual-inertia system is shown in Fig. 4. 
Since the damping coefficient D is generally very small, it can 
be omitted in the subsequent analysis. The transfer function 
can be obtained as [28]
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Fig. 3.  Dual-inertia model of the IPMSM mechanical drive.

Fig. 2.  The basic power unit structure of the IPMSM mechanical drive.
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In (13), ωNTF is the natural vibration frequency. Resonance 
occurs when the oscillation frequency induced by excitation 
approaches the natural vibration frequency of the mechanical 
transmission device [29].

Combining (11) and (12), the unit step response of ωm can 
be obtained as
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With the inverse Laplace transform, (14) be further derived 
that
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From the aforementioned analysis, CMOE introduces 
harmonic torque at the fundamental stator electrical frequency 
ωr. As shown in (17), when ωr approaches the system natural 
frequency ωNIF, the frequency difference (ωr - ωNIF) approaches 
zero. This leads to energy build-up at the natural frequency, 
thereby triggering the electromechanical coupling resonance. In 
addition, the amplitude of the input excitation caused by CMOE 
directly amplifies the resonance response magnitude.

III. Proposed CMOE Compensation Method
To mitigate CMOE-induced electromechanical coupling 

resonance in IPMSM drives, the limitations of the conventional 
PI-type observer are discussed and the improved adaptive CMOE 
observer for IPMSM drives is constructed in this section. 

A. Conventional PI-Type Observer

The voltage equations of IPMSM are given by 

 
s s s q s

s s s q s

u R i pL i E
u R i pL i E

� � � �

� � � �

� � ���
� � � ���                       

(18)

where Rs is the stator resistance, p is the differential operator, 
usα, usβ are the stator voltage components. Eα, Eβ are the back 
electromotive force (EMF), which can be expressed as [30], [31]
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where θr is the rotor position.
Considering the effect of CMOE, (18) can be further derived as
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where Zα and Zβ are the disturbances. CMOEs are DC 
components in the stationary reference frame, and the 
differential term in (21) can be neglected. 

With (21), the PI-type observer is designed as [26].
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where kp and ki represent the gains of the PI-type observer, and 
the superscript “^” defines the estimated variable. 

The estimated currents can be derived as
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Fig. 5 shows the conventional PI-type observer for IPMSM 
drives. The input is defined as the difference between the 
measured α- and β-axis stator currents and the estimated α- and 
β-axis currents. The output is the CMOE in the α- and β-axis 
stator currents. By substituting (23) into (22), the following 
equation can be derived as

, _

, , , ,

, _

ˆ ˆ
ˆ =

ˆˆ

ˆ ˆ

q s p i

s off

s ss

s off

s s s s s s

L s R k s k
i

u E u ER
i

L s R L s R L s R

� �

� � � � � � � �
� �

� �
� �

� �� �
�� � � � �
� �� � �� �

(24)

Without considering motor parameter mismatches and 
signal calculation errors, a second-order low-pass filter (LPF) 
is obtained as
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To achieve pole-zero cancellation, the gains of the PI-type 
observer are set as 
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With (26), (25) can be simplified as
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where ωc determines the filtering bandwidth of the PI-type 
observer. 

In practice, the voltage is typically reconstructed using the 
DC bus voltage and the state of switching device states, while 
the back-EMF in IPMSMs is generally estimated based on 
the flux constant. Therefore, deviations in these estimates can 
arise due to motor parameter variations. It is difficult to achieve 
accurate values for voltage and back-EMF signals, and the 
errors are denoted as Δusα,β and ΔEα,β. Considering this, the 
following equation can be obtained as
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With (26), (28) can be further derived as

 

� �

, _ , _

, ,

ˆ ( ) ( )

1
( ) ( )

ˆ

c

s off s off

c

c

s

c s

i s i s
s

E s u s
s R

� � � �

� � � �

�
�
�
�

� �
�

� � ��
�

     
(29)

In (29), isα,β_off(s) denotes the DC component, while Δusα,β and 
ΔEα,β represent AC disturbance components whose frequency 
is proportional to the motor speed in the IPMSM drive system. 
For IPMSM drives, the observer should sufficiently attenuate 
speed-dependent disturbances across the full operating speed 
range, thereby constraining estimation error during dynamic 
operation of IPMSMs.

The amplitude-frequency characteristic of the PI-type 
observer is depicted in Fig. 6, which implies that the observer 
has low-pass filter performance. However, the fixed gains 
in the PI-type observer result in a constant filter bandwidth, 
rendering it ineffective against low-frequency AC disturbances. 
Furthermore, the amplitude of these AC disturbance compo-
nents increases at lower motor speed, so the estimation accuracy 

Fig. 5.  Block diagram of the conventional PI-type observer. 
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of the conventional PI-type observer will be further deteriorated. 

B. Construction of the Improved Adaptive CMOE Observer

The conventional PI-type observer cannot mitigate the 
interference from variable-frequency AC components caused 
by the motor parameter mismatch. To address this problem, an 
improved adaptive observer is designed in this paper. 

The magnitude characteristic of (27) is given by
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As illustrated in (30), the bandwidth of the adaptive CMOE 
observer can be designed as
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where μ is the attenuation gain that determines the amplitude 
reduction, while ωcmin and ωcmax are the minimum and the 
maximum bandwidth of the adaptive observer. The adaptive 
observer adjusts exclusively the bandwidth magnitude while 
maintaining fixed parameterization, so ωc is always positive 
and will not affect the stability of the observer.

Substituting (31) into (30) yields
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It can be seen that when μ is appropriately selected to be 
less than 1, the proposed adaptive gains can ensure effective 
amplitude attenuation for variable-frequency AC components.

Consequently, the gains of the improved CMOE observer 
are set as follows
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At this point, the block diagram of the improved CMOE 
observer is shown in Fig. 7. Substituting (33) into (25), the 
improved adaptive observer can finally be derived as
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Based on the above analysis, the improved observer can 
eliminate the error in the equivalent back-EMF. For simplicity, 
the back-EMF calculation of the improved CMOE observation 
can be simplified to
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Integrating the improved CMOE observer into the IPMSM 
drive system, the block diagram of the CMOE compensation 
control is shown in Fig. 8. It can be observed that the proposed 
method compensates for CMOE based on observation in the 
α-β stationary reference frame. Therefore, whether the system 
employs two-phase or three-phase sampling, it does not affect 
the performance of the proposed compensation method. 

C. Robustness Analysis of the Adaptive Observer

The performance of conventional PI-type observer is affected 
by motor parameter errors, so additional filter and integrator 
regulator are typically required [27]. Considering motor para-
meter mismatches and signal calculation errors, that is
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where ΔRs is the stator resistance error and ΔLq is the q-axis 
inductance error.

Combining (24) and (33) yields,
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Fig. 7.  Block diagram of the improved CMOE observer.
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In view of motor parameter variations and signal calculation 
inaccuracies, substituting (36) into (37) yields:
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 (38)

In (38), adaptive gains of the proposed scheme can attenuate 
the AC error components of Δusα,β and ΔEα,β. Meanwhile, by 
setting s to zero, the estimated DC error components can be 
obtained

[                                                ]
  
  (39)

Then,

       (40)

Assuming the feedback current value is close to reference value, 
isd_m and isq_m can be regarded as DC values in steady state [26]. 
As a result, isα,β_m in the second term of (40) is an AC component, 
and isα,β_m (0) will be zero. The CMOE estimation error introduced 
by the first term in (40) is proportional to deviations in stator 
resistance. By incorporating the estimated CMOE into the motor 
closed-loop control, the effect of stator resistance mismatch on the 
performance of the adaptive observer is almost mitigated. This 
will be validated through experiments in Section IV.

IV. Experimental Tests
The experiment platform in Fig. 9 is constructed for 

verification of the proposed compensation method, and 
the experimental setup consists of a 3 kW IPMSM, two 
inverters, and an induction motor that applies load torque. 
The compensation method is implemented on an IPMSM 
experimental platform, with motor parameters listed in Table 
I. The method is implemented by a DSP TMS320F28335 
controller. In the experiments, DC offset is introduced into the 
a- and b-phase stator currents to emulate CMOE. The different 
injection conditions of DC offset errors are detailed in Table II. 

Due to the high natural vibration frequency of the 
existing permanent-magnet motor test platform, the stator 
frequency of the IPMSM cannot reach the natural vibration 
frequency of its mechanical components. Therefore, to 
effectively validate the effectiveness of the proposed CMOE 
compensation method, the experiments are conducted in 
two parts. Comparative experiments with the conventional 
method are conducted on the aforementioned experimental 
platform, and the performance of the improved compensation 
method is validated. Moreover, additional experiments will 

be conducted on an HIL platform to verify that CMOEs cause 
electromechanical coupling resonance and that the proposed 
method suppresses this resonance in the IPMSM system.

A. CMOE Compensation Experimental Verification

As a first step, the performance of the proposed scheme is 
compared with the conventional scheme under low-speed and 
speed variation conditions of the motor. The bandwidth ωc 
of the conventional observer is set to 1, while the attenuation 
coefficient μ for the improved observer is set to 0.005. As 
shown in Fig. 10(a), the DC offset of the Case 1 is injected in 
IPMSM drive system and the motor speed is set to 100 r/min. 
When the motor speed is varied from 600 r/min to 200 r/min, 
the estimation performance of the conventional observer 
decreases markedly as shown in Fig. 10(b). Furthermore, 

Fig. 9.  Experimental platform.
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TABLE II
Different Injection Conditions of DC Offset Error

TABLE I
Parameters of the Experimental IPMSM

Parameters Value Parameters Value 

Rated power 3 kW Inertia 3.13 kg·m2 

Rated voltage 380 V Rated speed 1500 rpm 

Rated current 6.5 A 
Permanent  
magnetic flux 
linkage 

0.72 Wb 

Stator resistance 1.8 Ω q-axis inductance 142 mH 
Sampling frequency 5 kHz d-axis inductance 38 mH 

Test case  Test conditions 

Case 1 

Δisa_off = 0.5 A, Δisb_off = 0.5 A 

Accordingly, 

Δis _off = 0.5 A, Δis _off = 0.29 A 

Case 2 

Δisa_off = 0.8 A, Δisb_off = 0.5 A 

Accordingly, 

Δis _off = 0.8 A, Δis _off = 0.12 A 

Case 3 

Δisa_off = 0.3 A, Δisb_off = 0.2 A 

Accordingly, 

Δis _off = 0.3 A, Δis _off = 0.06 A 

Case 4 

Δisa_off =2 A, Δisb_off = 0 A 
Accordingly,  

Δis _off =2 A, Δis _off = 1.2 A 
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the estimation value of the conventional observer contains 
a higher-amplitude AC component when the motor speed 
decreases. In contrast, as shown in Fig. 10(c), due to the 
designed adaptive gains, the improved observer has better 
estimation performance under motor speed variations. 

To provide a clearer comparison of the performance between 
the two schemes. Table III presents the experimental results of 
both. It can be seen that the improved observer provides higher 
estimation accuracy at low motor speed and speed variations.

The performance of the IPMSM drive system with the 
proposed method is tested. As shown in the Fig. 11, a DC 
offset error of Case 1 is injected in the system, causing a DC 
offset in the three-phase currents. After applying the proposed 
compensation method, the three-phase currents return to the 
normal value. When CMOE is injected in Case 2, fluctuations 
in motor speed and actual d- and q-axis currents similarly 
occur, as seen from Fig. 12. However, when the proposed 
method is applied, these fluctuations in both motor speed and 
currents are significantly mitigated. Even with variations in the 

magnitude of injected CMOEs, the motor speed and the actual 
d- and q-axis currents remain stable, which can be attributed to 
the proposed compensation method.

Additionally, FFT analysis of the motor speed and currents 
are performed, focusing on the q-axis current due to its stable 
fluctuation frequency. As seen from Fig. 12(b) and (c), when 
CMOE is applied, the motor speed and the q-axis current 
exhibit fluctuations at the motor fundamental frequency. When 
the proposed method is applied, ripples in motor speed and 

TABLE III 
Performance Comparison Between the Improved 

Scheme and Conventional Scheme

Fig. 10.  Comparison of conventional observer and improved observer: (a) At 
low motor speed 100 r/min; (b) Output of the conventional observer when speed 
changes; (c) Output of the improved observer when speed changes.

Low-speed  Speed variation 

Scheme Max  
(A) 

Min 
(A) 

Max  
(A) 

Min 
(A) 

The conventional 

observer 
0.18 0.17 0.5 1 

The improved 
observer 

0.03 0.02 0.2 0.3 

Fig. 11.  Phase current estimation performance of the proposed method: (a) The 
whole estimation performance. (b) The zoom-in 1. (c) The zoom-in 2.
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current induced by CMOEs are suppressed. The proposed 
method effectively mitigates speed fluctuations and current 
ripples at the fundamental frequency of the motor.

The dynamic performance of the IPMSM drive system with 
the proposed method is also tested. As shown in Fig. 13, the 
IPMSM drive system undergoes loading and unloading during 
CMOE of the Case 1 is injected into the IPMSM drive. It can 
be seen that the motor speed and the d- and q-axis currents 
demonstrate good dynamics. For comparison, Fig. 13(b) shows 
the IPMSM drive performance without the injection of CMOE 
or the proposed compensation method. It can be found that the 
dynamic performance of the IPMSM drive with the proposed 
method is similar to that observed in normal state. Therefore, 
the proposed method has a minimal impact on the motor 
performance under load variations. 

Moreover, the motor speed is varied from 100 r/min to 300 r/min 
and then back to 100 r/min, as shown in Fig. 14. The proposed 
compensation method is applied, and the IPMSM system also 
exhibits good performance under speed variations. Fig. 14(b) 
shows a comparison that the dynamic performance of the 
motor with the proposed method closely resembles the normal 
state. Thus, the implementation of the compensation method 
exhibits negligible influence on the dynamic performance of 
the IPMSM drive system. 

To further demonstrate the performance of the proposed 
method, Fig. 15 illustrates the estimation performance of the 
CMOE observer under motor parameter mismatches. In tests, 
the stator resistance is reduced to 80% of its original value and 
then restored. When the estimated value of the CMOE observer 

Fig. 12.  Performance of the IPMSM drive with the proposed method: (a) The motor speed and current performance. (b) FFT analysis of the motor speed. (c) FFT 
analysis of the motor current.
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Fig. 13.  Dynamic performance of the proposed method under load variations: (a) 
With the proposed compensation method. (b) In the normal state for comparison.
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Fig. 14.  Dynamic performance of the proposed method under motor speed 
variations: (a) With the proposed compensation method. (b) In the normal state 
for comparison.
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is incorporated into the motor closed-loop control, the estimated 
value of the proposed CMOE observer rapidly returns to its 
normal level. Furthermore, the q-axis inductance is adjusted 
from 100% of its original value to 80% and subsequently 
restored. As shown in Fig. 15, the estimation accuracy of the 
CMOE observer is unaffected. Consequently, the proposed 
improved compensation method demonstrates high robustness 
against motor parameter mismatches.

B. Electromechanical Coupling Resonance HIL Test Verification

An HIL platform has been established for demonstrating that 
the proposed method can suppress electromechanical coupling 
resonance induced by CMOE in the IPMSM system. As shown 
in Fig. 16, the HIL testing platform consists of a host computer, 
RTBOX simulator, TMS320F28335 controller, and IO board. 
The parameters of the dual-inertia model of IPMSM drives in this 
test are shown in Table IV. 

The mechanical natural vibration frequency of the IPMSM 
mechanical drive in the HIL experiment platform as shown 
in Fig.17, which presents the bode plot of Gl(s) and Gm(s). 
Gm(s) is the transfer functions of motor speed relative to the 
electromagnetic torque. Gl(s) is the transfer functions of load 
speed relative to the electromagnetic torque. It can be seen 
that the gains of Gl(s) and Gm(s) increase sharply at the natural 
vibration frequency ωNTF, which is 30 Hz approximately. 

The relationship between the motor speed and the motor 
stator frequency as

60
s

p

fn
n

�
                                       

(41)

where fs is the stator frequency of the motor, n is the motor speed, 
np is the number of pole pairs (set to 4). When electromechanical 
coupling resonance occurs, the stator frequency of the motor 
approaches the natural vibration frequency of the mechanical 
transmission device. Therefore, the stator frequency 
fs in this test is set to 30 Hz, and it follows that the motor speed 
is set to 450 r/min.

Fig. 18 shows the electromechanical coupling resonance in 
IPMSM drive system and the suppression performance of the 
proposed method. When the IPMSM drive system runs stably 
without CMOEs, the electromagnetic excitation torque remains 
steady. The acceleration of the mechanical load side stays at zero 
indicating no vibration on the mechanical load side. However, 
when CMOE occurs (Case 4 is injected), significant first-order 
ripple components (i.e., corresponding to the motor fundamental 
frequency) are observed in the motor torque. Clearly, CMOE 
induces an excitation torque of 30 Hz in the IPMSM system, 
as shown in Fig. 18(b). Under the influence of this excitation 
torque, the load acceleration on the mechanical side exhibits 
significant vibration. As seen from Fig. 18(c), the acceleration 
of the mechanical load undergoes significant variations at its 
natural vibration frequency. Consequently, when the excitation 
torque frequency induced by CMOE approaches the natural 
vibration frequency of IPMSM drives, electromechanical 
coupling resonance occurs in the IPMSM drive system. 
This test confirms the argument presented in this paper.

When the proposed suppression scheme is applied, the 
electromagnetic excitation torque is restored to stability and 

Fig. 15.  Performance of the proposed method under motor parameter mismatches.

Fig. 16.  HIL simulation experiment platform.
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TABLE IV  
Parameters of Mechanical Transmission System

Parameters Value 

Motor rotational inertia Jm 3.13 kg∙m2 

Load rotational inertia Jl 17.5 kg∙m2 

Torsional stiffness K 97954 N·m/rad 

Damping coefficient D 2.4 N·m/(rad/s) 

Fig. 17.  Bode diagram of the dual-inertia model of the IPMSM drive system.
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the acceleration of the mechanical load returns to normal. 
Such resonance of the mechanical components in the IPMSM 
drive system is eliminated. Combining the FFT analysis results 
from Fig. 18(b) and (c), it can be seen that the excitation 
torque content is significantly reduced from 9.12% to 
0.17% after applying the suppression scheme. The vibration 
amplitude of the load acceleration on the mechanical side is 
significantly reduced from 2.10% to 0.006%, so the coupling 
resonance problem is effectively suppressed. Therefore, the 
proposed compensation scheme effectively suppresses the 
electromechanical coupling resonance induced by CMOE in 
IPMSM drive systems.

V. Conclusions
The presence of CMOE negatively impacts the performance 

of IPMSM drive systems. Research on CMOE in IPMSMs 
has mainly focused on electrical aspects while neglecting the 
resonant effects of electromechanical coupling. This paper 
pointed out that CMOE can induce electromechanical coupling 
resonance of IPMSM drive systems when the stator frequency 
of IPMSMs approaches the natural vibration frequency of 
the mechanical transmission device. To eliminate the adverse 
effects of CMOE, a PI-type observer was developed as an 
attempt. However, its performance was affected by motor 
parameter mismatches and speed variations. Based on this, an 
improved CMOE observer with adaptive gains was proposed 
for the IPMSM drive system, and the proposed compensation 
scheme significantly enhanced accuracy and stability. A 
series of experimental results indicated that the proposed 
scheme is promising in alleviating the influence of CMOE on 
electromechanical coupling resonance in IPMSM drives.
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State and Disturbance Estimator Based Feedback 
Controller Synthesis for Hybrid Electric Vehicle

Sangeeta SINGH and Bhanu PRATAP

Abstract—The development of an output feedback controller 
(OFC) for a hybrid electric vehicle (HEV) is presented in this 
paper. The light-weighted DC motor-driven model of HEV is 
considered which includes a high degree of nonlinearity as uncer-
tainty. The nonlinearity, uncertainty, and non-assessable states of 
the HEV plant model are estimated using a state and uncertainty 
estimator (SUE). The proposed controller is designed for speed 
control of the motor for optimal operation of HEV to meet the 
model range specifications based on SUE and output feedback. 
A suitable reference trajectory has been obtained for a smooth 
tracking response of motor speed. The uncertainty considered 
in this paper is significantly large and does not require satisfy-
ing the constraints (bounded/finite derivative to be 0, etc.). The 
estimator-based OFC is synthesized for the attenuation of the 
effect of nonlinearity and uncertainty to stabilize the HEV. For 
the analysis of stability, sufficient conditions for the synthesis of 
OFC have been obtained using the Lyapunov theory and linear 
matrix inequality approach. The simulation study has been done 
to show the efficacy of the proposed OFC control scheme. The 
performance of the proposed scheme has been analyzed by a 
comparative evaluation with the existing control schemes in terms 
of tracking performance, lesser tracking error, bounded control 
input under actuator limit, attenuation of the effect of nonlineari-
ty and uncertainty, etc. Finally, it is concluded that the HEV per-
formance using the proposed control scheme has been enhanced 
in comparison with existing schemes. 

Index Terms—Hybrid electric vehicle, linear matrix inequality, 
nonlinear system, output feedback controller, state and uncertainty 
estimator.

Nomenclature
Symbol Description 
g Acceleration constant
Cd Aerodynamic drag coefficient
ρ Air density
ωH Angular speed of motor
iH Armature current (field current)
La Armature inductance
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Symbol Description 
Ra Armature resistance
uH Control input of HEV plant
VH Control input voltage
R Control weighting matrix
vH Driving velocity of vehicle
ωfd External disturbance/uncertainty

H Estimation error
TL External torque for motor drive
DH Feed-forward matrix (disturbance matrix)
Rf Field winding resistance
A Frontal area of vehicle
KLQR Gain of LQR controller
G Gearing ratio
φH Hill climbing angle
Lf Inductance of field winding 
J Inertia of motor
BH Input matrix 
m Mass of vehicle

Laf
Mutual inductance between armature and field 
winding

KH, ΓH Output feedback controller gains 
yH Output of the vehicle
CH Output matrix
r Radius of tyre
μrr Rolling resistance coefficient
FH, NH, LH, EH, OH, GH State and uncertainty estimator gains
AH State matrix of HEV plant 
zH State vector of estimator model
xH State vector of HEV plant 
Q State weighting matrix
FH Total traction force of vehicle

fd Uncertainty estimation error
B Viscous coefficient

I. Introduction

HYBRID electric vehicles (HEVs) possess one of the most 
cost-effective and virtuous energy attributes among the 

recent applications (Fig. 1). The HEVs have widely taken into 
the interest of many researchers because of having an alternate 
fuel operation technique; and thus, allowing less dependency 
on limited environmental energy concerns [1]-[2]. With this 
development of alternate fuel energy-powered vehicles, the 
efficiency of the vehicle has improved. The conversion and the 
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storage of energy are possible with the available heat energy 
while applying the vehicle brakes in the form of kinetic energy. 
Also, HEVs with various advancements such as reliability, 
low-cost emission with a wide range of driveability, optimal 
fuel economy, etc. The HEVs are designed with the combi-
nation of both the internal combustion engine and the electric 
batteries and provide the cause for propulsion of the vehicle [3]-[4]. 
Thus, HEVs are further classified in different categories based 
on their working and utilization of the energy source in the 
vehicle likeseries HEV, parallel HEV, series-parallel HEV, and 
plug-in HEV as per the access of their propulsion scheme [5]. 

Almost all the industrial systems and vehicular technologies 
exhibit uncertainties and disturbances which causes adverse 
effects on the stability and the performance of the respective 
control system. In case of HEVs closed-loop [6] model, the  
inner feedback/feed-forward loop are composed for uncertainty/ 
state estimator and further responsible for the attenuation and 
rejections of other external disturbances or unknown states 
with a nominal approximation of HEV plant [7]. As in the start 
of the input position, the disturbance observer estimates the  
external disturbance which will restrain the plant’s uncertainties,  
while establishing lumped behavior of external disturbance 
and uncertain terms. Since uncertainties and disturbance are  
lumped concerning each other for any control system. However,  
this corresponds to the robust behavior of the controller connected  
for the outer loop of the respective HEV modeling and achieves 
stability in case of various model uncertainties [8]. 

The HEV models are designed with different nonlinear 
characteristics [9] and thus, there is a need for control schemes 
and monitoring for their optimal working conditions and better 
adaptability in practical applications. Also, the dynamic model-
ing of HEV involves various unmeasured variables such as ve-
hicle speed, battery and motor currents, and battery and motor 
voltages which have been determined by developing control 
strategies based on the feedback observations. Most of the 
contributions are made for the linear control applications of the 
HEVs have been reported in the literature [10]-[14]. The linear 
control approaches such as proportional-integral-derivative 
(PID) controller, linear quadratic regulator (LQR), H-∞ con-
troller, linear quadratic Gaussian (LQG) controller, and model 
predictive control (MPC), etc. are effectively incorporated to 
control the HEV system. A fuzzy-based PID controller [15] 
has been investigated in [10] where an extended Kalman filter 
is used for the training and optimization of the suspension sys-
tem. A robust control technique based on gain scheduled LQR 
has been applied on HEV for the yaw moment control [11]. An 
H-∞ controller with LQR has been presented for an integrated 
motor-transmission powertrain system [16] in discrete time to 
track the reference speed signals for the drivetrain and attenuate 

the effect of motor lags [12]. For frequency stabilization of in-
terconnected plug-in HEV, an optimal controller using a LQG 
[17] control scheme with an integral action has been developed 
[13]. A model predictive control-based nonlinear strategy has 
been studied to stabilize an electric vehicle with experimental 
results [14].

Traditionally disturbance observers are designed in sequence 
of nonlinear system dynamics. As discussed, observer-based 
control with the estimation of states of systems is also mod-
eled for the stability of the system process. Thus, synthesizing 
an observer for any system with exogenous disturbances will 
estimate both states and the disturbance of the system. Where 
the gains of the observer can be formulated using linear matrix  
inequality (LMI) equations to achieve asymptotic stability of 
the system [18]. Modeling of HEV systems emerges with var-
ious uncertainties such as tracking the vehicular speed, battery 
performance and regulations, stability context, the robustness 
of vehicle transmission, disturbance effects, and other dynami-
cal constraints. These factors are responsible for the designing 
of the system based on observer approximations. 

The well-known problems of HEV operation are identified 
as the uncertain and nonlinear dynamics with the external 
disturbances and frictions. This paper presents a state and 
uncertainty estimator (SUE) based output feedback control 
(OFC) scheme to improve the HEV performance considering 
the above-said problems. The system uncertainty, nonlinearity, 
disturbance, and friction are generally considered as unknown 
and sometimes difficult to evaluate. Therefore, the proposed  
control scheme has been developed for a light-weight HEV model  
to observe the response of state estimation, uncertainty estimation, 
and output tracking, etc. The simulation exercises have been 
done to present the efficacy of the proposed control scheme. 
The performance of HEV operation has been improved as 
compared to the performance using the existing control scheme 
[19]. The results obtained with the proposed scheme are result-
ed in good convergence of states in terms of estimation and 
regulation, bounded control input under the consideration of 
a wide range of uncertainty. The sufficient conditions for the 
controller life span are usually expressed in terms of LMI or 
bilinear matrix inequalities (BMI). A dynamic control agent of 
a T-S fuzzy system with time varying time delay is observed 
by using Lyapunov function method [20]. Based on the LMI, 
the second order Lyapunov function can control the results 
obtained with improved and low maintenance output feedback 
and relax the limitations in the existing results [21]. 

In addition, a modified time fuzzy control strategy can be 
obtained to solve the completely different and uncertain spoof-
ing attacksand the size of the combination of state variables 
can be changed. It is guaranteed to be bounded in the case of 
spoofing attacks. And adjust the size of the state variable con-
vergence area [22]-[23]. The main contributions and novelties 
of this paper are summarized as follows:

• A novel OFC is developed for a highly nonlinear, uncertain 
light-weight HEV system, where full state measurements are 
not available.

• A robust SUE is proposed to jointly estimate the unmeasur-

Fig. 1. Hybrid electric vehicle system [4].
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able states and the unknown uncertainties/disturbances of the 
HEV plant, enabling efficient control even under high degrees 
of nonlinearity and external perturbations.

• Unlike existing works which assume bounded or slowly 
varying uncertainties, the proposed controller operates effec-
tively under large, fast-varying, and unstructured uncertainties 
without requiring restrictive assumptions (e.g., zero derivative 
or bounded rates).

• The control synthesis is rigorously formulated using LMI 
techniques in the Lyapunov framework, ensuring guaranteed 
stability and robustness.

• A comparative simulation study demonstrates the superior-
ity of the proposed SUE-based OFC over conventional control-
lers (e.g., PID, LQR, H-∞) in terms of tracking performance, 
uncertainty attenuation, and actuator constraint satisfaction. 
These contributions collectively offer a practically viable and 
theoretically sound solution for high-performance control of 
HEVs under uncertain and nonlinear dynamics. 

The rest of the paper is categorized as follows. In Section 
II, the dynamical modeling of the HEV system is introduced. 
The problem formulation with control objectives is described 
in Section III. In Section IV, an SUE for the HEV system is 
designed. The proposed SUE-based OFC is designed for HEV 
and presented in Section V. In Section VI, the simulation study 
is carried out in MATLAB and the results obtained are com-
pared with the existing control scheme. Finally, the simulation 
results have been concluded in Section VII.

II. Modelling of Hybrid Electric Vehicle (HEV)
The mechanical model of a light weighted HEV (Fig. 2.) has 

been considered to have two sub-models such as vehicle dy-
namics model (VDM) and motor dynamics model (MDM) [24]. 
The major factors considered for the VDM are aerodynamic 
drag, conditions of road, acceleration, and hill climbing, etc. 
A transmission unitconsisting of the gearing system is used to 
connect the MDM with the VDM. HEVs operation on the ba-
sis of speed may vary from zero to full speed. For HEVs appli-
cations,  the control signal to the propulsion control module is 
given by the driver in the form of acceleration or deceleration 
by applying accelerator or break pedal [25]. The propulsion 
control system of HEV is used the DC motor for propulsion. 
The control system design for the speed of DC motor is re-
quired to control the HEV system [26].

Vehicle dynamic model (VDM): Considering the factors 
affecting the dynamics of HEV, the dynamical equation of 
VDM model of HEV is given by [27],

rr H Hd/ /         (1)

Considering the dynamics of HEV in (1), the terms used are 
as follows. 

(i) μrrmg represents the force of rolling resistance,
(ii) 1/2 ρACdv

2
H represents the force of aerodynamic drag,

(iii) mg sin φH represents the force of hill climbing,
(iv) m dvh / dt represents the force of acceleration.
A counter-productive torque is generated by the traction 

force to the driving motor given by

TL = FH r/G                                    (2)

Motor dynamic model (MDM): The dynamical equation 
of MDM model of HEV driven by DC motoris given by [28],

/                      (3a)

/           (3b)

The dynamics of HEV system (1)-(3) can be expressed in 
the form of differential equations as 

{J + m [r/G]2} dωH/dt = Lafi
2
H - BωH 

     - r/G [μrrmg + 1/2 ρACdv
2
H + mg sin φH]   (4a)

/      (4b)

The HEV driving velocity may vary with the change in an-
gular speed of motor [29] according to the following equation 
given as,

vH = G/r ωH                                      (5)

State space modelling of hEV: The dynamical model of 
HEV (1)-(5) can be rewritten in the form given by,

H

H H

H H HH H

H
x
x x

                         (6)

where xH=[ωH    iH]T, uH=VH, and yH=ωH represents the state vec-
tor, control input, and output of the HEV. The nonlinear func-

tions [30] 
H

H H

H H HH H

H
x
x x, 
H

H H

H H HH H

H
x
x x , and 

H

H H

H H HH H

H
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Fig. 2. HEV system [14].
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A5= -(Ra+Rf)/(La+Lf ), A6= -(Lafx1x2) /(La+Lf), and B2 = 1/
(La+Lf). The angle of hill climbing φH is considered to be 0.

Linearized model of HEV: The nonlinear model [16] of 
HEV (6) can be linearized about the non-origin with the help of 
Taylor’s series method. The linearized model of the considered 
model of HEV (6) is obtained as

                               (7)

The above nominal plant model of HEV is controllable 
which will be used for the development of proposed SUE 
based controller.

III. Problem Formulation
A problem of designing an output feedback controller [34] 

for smooth operation of a light weighted HEV (Fig. 2) has 
been considered in this proposed work for the demonstration of 
performance enhancement.

The HEV model (7) including the effect of uncertainty and 
disturbance can be rewritten as 

                    (8)

The first term of the above dynamical equation HEV represents 
the nominal plant model whereas, the second term represents 
the parametric uncertainty and external disturbance. The second  
term is assumed usually to be unknown and is estimated with 
the help of SUE for the design of proposed controller.

Control objectives: The objective of this paper is to de-
velop a state and uncertainty estimator based output feedback 
controller for a light weighted HEV system with the following 
properties.

(i) The plant output (measured speed of DC motor) converg-
es to the specified reference trajectory,

(ii) The reference tracking error of the plant output and tra-
jectory approach to zero,

(iii) The tracking performance must satisfy the constraint on 
the input voltage,

(iv) The optimal performance of HEV is need to be achieved 
with the effect of uncertainty and disturbance.

The proposed SUE based feedback controller has been de-
veloped in the next sections.

IV. Design of State and Uncertainty Estimator 
(SUE)

In this section, an SUE for HEV system (8) is designed. An 
assumption has been stated for the development of SUE.

Assumption 1: Considering the output matrix CH and dis-
turbance matrix DH of full rank where the matrix CHDH has the 
same rank as DH.

The state and uncertainty estimator for the HEV uncertain 
model (8) is given by,

                        (9a)

                             (9b)

                (9c)

Theorem 1: Considering the HEV system (8) with the SUE (9) 
satisfying Assumption 1. If there exist the matrices NH∈ 2×2, 
GH∈

2×1, LH∈
2×1, FH∈

2×1, EH∈
1×2, OH∈

1×1, and PH∈
2×2, 

such that the states and uncertainty converges asymptotically 
and the following conditions are fulfilled [32].

NHMH - MHAH + LHCH = 0                         (10)

GH = MHBH                                                            (11)

MHDH = 0                                       (12)

MH = IH + FHCH                                  (13)

(CHDH) + CHAH - EH = 0                            (14)

(CHDH) + CHBH - OH = 0                            (15)

NT
H PH + PHNH ＜ 0                              (16)

Proof: The state estimation error is defined as, 

                                  (17)

Using (8), (9b), and (13), the expression (17) becomes

                                (18)

Substituting (8) and (9a) in the derivative of (18), the error 
dynamic becomes

           = NH  + (NHMH - MHAH + LHCH) xH +

                           (GH - MHBH) uH - MHDHωfd                                                   (19)
The error dynamic (19) can be rewritten, if the conditions 

(10)-(12) hold as,

  = NH +                                   (20)

Choose a Lyapunov function,

                                  (21)

Substituting (20) in the derivative of (21) gives,

                     (22)

The expression (22) becomes negative definite, if holds the 
condition (16). Hence, Theorem 1 is proved. 

Now, the uncertainty estimation error is defined as, 

                                  (23)

Using (9c), the expression (23) can be written as,

    (24)
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The error dynamic (24) can be rewritten, if the conditions 
(14), (15) hold as,

                                   (25)

From (25), it can be observed that if,  →0, then  →0.
The expression (16) is a BMI equation and difficult to obtain 

the solution. Thus, Theorem 2 has been defined to transform 
into the LMI expression.

Theorem 2: Considering the HEV system (8) with the SUE 
(9), and the state estimation error (17) and uncertainty estima-
tor error (23) asymptotically converge to zero, if there exist 
the matrices NH∈

2×2, GH∈
2×1, LH∈

2×1, FH∈
2×1, EH∈

1×2, 
OH∈

1×1, and PH∈
2×2, such that the following conditions are 

fulfilled [32].

[(I2×2 + UHCH)AH]T PH + PH[(I2×2 + UHCH)AH]-CT
H H T

H- HHCH

 + (VHCHAH)TQT
H + QH(VHCHAH) ＜0                               (26)

where 

UH = - DH(CHDH)-1                                (27)

VH = I - CHDH(CHDH)-1                            (28)

QH = PHYH                                     (29a)

HH = PHHH                                    (29b)

Proof: Using the conditions given in (12) and (13), we have

FH(CHDH) = -DH                                (30)

The solution of (30) can be written as [33],

FH = - DH(CHDH)-1 + YH[I - (CHDH)(CHDH)-1] = UH + YHVH  (31)

Define a new expression, 

HH = LH + NHFH                               (32)

Using (10), (13), and (32), following equation can be ob-
tained as,

NH = MHAH - HHCH                           (33)

Using (32) and (33), the observer gain matrix LH can be 
written by

LH = HH (I + CHFH) - MHAHFH                           (34)

The inequality (16) will be modified using (13), (30), and (33) as,

[(I2×2 + UHCH)AH]T PH + PH[(I2×2 + UHCH)AH] - CT
H HT

HPH - 

PHHHCH + (VHCHAH)TY T
HPH + PHYH(VHCHAH) ＜0        (35)

Suppose that, QH = PHYH and = HHPHHH. The expression (35) 
can be rewritten as,

[(I2×2 + UHCH)AH]T PH + PH[(I2×2 + UHCH)AH] - CT
H HT

H- HHCH

 + (VHCHAH)TQT
H + QH(VHCHAH) ＜0                                  (36)

The expression of BMI (16) has been transformed into LMI 
(36). Hence the Theorem 2 is proved. 

Finally, the SUE gains are calculated by solving the LMI (36) 
and computing EH = (CHDH)-1 CHAH and OH = (CHDH)-1CHBH. 
The proposed SUE based feedback controller has been devel-
oped in the next section.

V. Design of SUE Based Output Feedback 
Controller (OFC)

In this section, an SUE based OFC for HEV system (8) is 
designed. An assumption has been stated for the development 
of OFC.

Assumption 2: Considering the input matrix BH and distur-
bance matrix DH of full rank where the matrix BHDH has the 
same rank as BH.

The SUE based output feedback controller for the HEV un-
certain model (8) is given by,

                            (37)

Theorem 3: Considering the HEV system (8) with the SUE 
(9) and OFC (37) satisfying Assumption 2. If there exist the 
matrices NH∈ 2×2, GH∈ 2×1, LH∈ 2×1, FH∈ 2×1, EH∈ 1×2, 
OH∈

1×1, KH∈
1×2, ΓH∈

1×1, PoH∈
2×2, and PcH∈

2×2, such that 
the states and uncertainty converges asymptotically and the 
conditions (10)-(15) along with the following two conditions 
are fulfilled [32].

DH - BHΓH = 0                                  (38)

ΨH
TPH + PHΨH ＜0                              (39)

where,  .

Substituting the control law (37) in the HEV system model 
(8), gives

 (40)

Using (38), (40) can be rewritten as, 

         (41)

Therefore, from (20) and (42), we can have following form 
of state and uncertainty estimation errors,

   (42)

Thus,

                                  (43)

Choose a Lyapunov function,

                                (44)
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Substituting (43) in the derivative of (44) gives a following 
expression,

               (45)

The expression (45) becomes negative definite, if holds the 
condition (39). Hence, Theorem 3 is proved. 

The expression (39) is a bilinear equation and difficult to 
obtain the solution. Thus, Theorem 4 has been defined to trans-
form into the LMI expression.

Theorem 4: Considering the HEV system (8) with the SUE (37) 
and controller (38) can be stabilized while satisfying Assump-
tions 1 and 2. If there exist the matrices NH∈ 2×2, GH∈ 2×1, 
LH∈ 2×1, FH∈ 2×1, EH∈ 1×2, OH∈ 1×1, KH∈ 2×2, ΓH∈ 1×1, 
PoH∈

2×2, and PcH∈
2×2, such that the following conditions are 

fulfilled [32],

AHPcH + AT
HPcH - BHRH - RT

HBT
H ＜0                 (46)

where,

ΓH = B+
HDH                                      (47)

KH = RHP-1
cH                                     (48)

Proof: The expression (39) can be expanded using (42) as,

  (49)

 

(50)

The expression (50) can be transformed into the following 
form using Schur complement [34],

                (P-1
cHAH + AT

HP-1
cH - P-1

cHBHKH - KT
HBT

HP-1
cH) -

                (P-1
cHDHEH - P-1

cHBHKH)(PoHNH +NT
HPoH)-1 ·

(P-1
cHDHEH - P-1

cHBHKH)T ＜0                              (51)

PoHNH + NT
HPoH ＜0                               (52)

Due to (52), expression (51) will be

              (P-1
cHDHEH + P-1

cHBHKH)(PoHNH + NT
HPoH)-1 ·

         (P-1
cHDHEH - P-1

cHBHKH)T ≤ 0                                 (53)

Thus,

             (P-1
cHAH + AT

HP-1
cH - P-1

cHBHKH - KT
HBT

HP-1
cH) ＜

             (P-1
cHDHEH - P-1

cHBHKH)(PoHNH + NT
HPoH)-1 ·

(P-1
cHDHEH - P-1

cHBHKH)T ≤ 0                                  (54)

Therefore, (50) is equivalent to

P-1
cHAH + AT

HP-1
cH - P-1

cHBHKH - KT
HBT

HP-1
cH ＜0           (55)

PoHNH + NT
HPoH ＜ 0                                (56)

Now, the BMI expression has been transformed to the LMI 
by multiplying PcH pre and post to (55), results

AHPcH + PcHAT
H -  BHKHPcH - PcHKT

HBT
H ＜0          (57)

Suppose that, ΓH = B+
HDH and KH = RHP-1

cH. The expression 
(57) can be rewritten as,

AHPcH + PcHAT
H - BHRH - RT

HBT
H ＜0                (58)

The expression of BMI (39) has been transformed into LMI 
(58). Hence the Theorem 4 is proved. 

Finally, the OFC gains are calculated by solving the LMI 
(58). The response proposed SUE based OFC has been simu-
lated for performance analysis in the next section.

The proposed SUE (9) based OFC (37) design scheme for 
HEV model (6) and (8) can be expressed by a block diagram 
(Fig. 3). 

VI. Simulation Results and Discussions
In this section, simulation studies have been presented to 

obtain the performance of the proposed control scheme. The 
simulations are performed using HEV system parameter given 
in Appendix.

Response of SUE (9) on linearized uncertain model of 
HEV (8): The considered model of HEV (8) in open-loop is 
operated with the control signal given by u = 0.5sint. The initial 
conditions for the HEV plant (8) and SUE (9) are considered 
as x0H = [0.1  0.1]T and z0H = [0.05  0.05]T respectively. Solving 
the LMI (26) as stated in Theorem 2 in Section IV, the gains of 

SUE (9) are obtained by FH = [-1 -1]T , NH =  ,

LH =[0  -20.2707]T, GH = [0  166.447]T, EH = [-0.0004  0.0038], 
and OH = 0.

The simulation study has been done to reveal the SUE per-

Fig. 3. Block diagram of proposed SUE (9) based OFC (37) for HEV model (6) 
and (8).

dH

fd

H             H

H

H

H

fd
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formance in terms of converges of estimated states and uncer-
tainty with the actual plant states and uncertainty (Fig. 4). The 
error of motor angular speed estimation is less and converges 
to zero (Fig. 5). The uncertainty effect in the HEV plant is esti-
mated and depicted in Fig. 6.

The estimation response of other state (field/armature cur-
rent of motor which is unmeasurable) is obtained and is plotted 
in Figs. 7 and 8. 

Response of SUE based OFC (37) on linearized uncer-
tain model of HEV (8): The considered model of HEV (8) in 
closed-loop [35] is operated with the SUE based control signal 
(37). The initial conditions for the HEV plant (8) and SUE (9) 
are considered as x0H = [0.1  0.1]T and z0H = [0.05  0.05]T respec-
tively. Solving the LMIs (26) and (46) as stated in Theorem 2 
and Theorem 4 given in Section IV and Section V respectively, 
and the gains of SUE based OFC (37) are obtained by KH = 
[0.0002  -0.01178] and ΓH = 0.006. A robustification term has 
also been included to the control law (37) to for the attenuation 
of effect of uncertainty and disturbances. The design parame-
ters of SUE remain same as stated in previous subsection.

The simulation study has been carried out to demonstrate the 
performance of SUE based OFC in terms of tracking of actual 
and estimated states (Fig. 9). The tracking error of motor an-

gular speed actual and estimated is tends to zero (Fig. 10). The 
control input response is obtained which is bounded and under 
the limit of actuator of HEV (Fig. 11).

Response of SUE (9) and SUE based OFC (37) on non-
linear model of HEV (6): The performance response of lin-
earized uncertain model of HEV (8) has been obtained above. 
However, the proposed control scheme has also been applied 
on the nonlinear model of HEV (6) to show its effectiveness. 
The response obtained from the nonlinear model with proposed 
SUE (9) and SUE based OFC (37) are shown in Figs. 12 and 13. 

It is observed from the Table I that the performance of SUE 
remains stable with or without the presence of uncertainty as 
well as disturbance.

Performance comparative analysis with existing LQR 
control scheme: The proposed scheme has been compared 
with an LQR schemefor significant performance evaluation 
comparatively. The LQR control law gain has been calculated 
KLQR = [22.3496  0.0350] from the standard Riccatti equation 
by assuming the design parameter Q = diag [1000  0] as state 
weighting matrix and R = 2 as control weighting matrix.

Comparing the linearized/nonlinear model of HEV with the 
proposed control scheme and LQR scheme we have the shown 

Fig. 7. Estimation of armature current of motor. (a) without uncertainty, (b) with 
uncertainty.

Fig. 8. Estimation error of armature current of motor. (a) without uncertainty, (b) 
with uncertainty.

Fig. 4. Estimation of angular speed of motor. (a) without uncertainty, (b) with 
uncertainty.

                                  (a)                                                                   (b) 

                                   (a)                                                                    (b) 

                               (a)                                                                   (b) 

                                  (a)                                                                   (b)                                  (a)                                                                   (b) 

Fig. 5. Estimation error of angular speed of motor. (a) without uncertainty, (b) 
with uncertainty.

Fig. 6. Uncertainty. (a) estimation, (b) estimation error.
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Fig. 9. Tracking of angular speed of motor. (a) without uncertainty, (b) with 
uncertainty.
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the observations in Figs. 14-17. 
It is observed from the Table II that the performance of SUE 

based OFC remains stable with or without the presence of un-
certainty as well as disturbance.

Comparing the above plots (Fig. 14 to Fig. 17) obtained for 
the linearized/nonlinear model of HEV with the proposed con-
trol scheme and LQR scheme, it can be observed that the opti-
mal response has been achieved using LMI (26) and (46) using 
proposed scheme. The performance of controller is satisfactory 
for both the models of HEV with less error and stable response 
in the presence of parametric uncertainty (2% to 5%) and dis-
turbance.

VII. Conclusions
The performance of HEV in the application of electric ve-

hicles has a significant role and its control is also decisive. A 
performance evaluation of SUE-based OFC for linearized as 
well as the nonlinear model of HEV has been proposed. The 
highlights of the work presented in this paper are (i) consider-
ing the linearized/nonlinear model of HEV, (ii) development of 
SUE for the estimation of unmeasurable state and uncertainty 
presenting the HEV plant, (iii) design of SUE based OFC con-
troller for HEV considering the effect of parametric uncertainty 
and disturbance, (iv) detailed stability analysis using LMI and 

Fig. 12. Angular speed of motor. (a) estimation, (b) estimation error.

Fig. 13. Angular speed of motor. (a) tracking, (b) tracking error.

Fig. 14. Tracking error of angular speed of motor. (a) without uncertainty, (b) 
with uncertainty.

Fig. 16. Control input voltage. (a) without uncertainty, (b) with uncertainty.

Fig. 17. Control input voltage. (a) without uncertainty, (b) with uncertainty.

Fig. 15. Tracking error of angular speed of motor. (a) without uncertainty, (b) 
with uncertainty.

Fig. 10. Tracking error of angular speed of motor. (a) without uncertainty, (b) 
with uncertainty.

Fig. 11. Control input voltage. (a) without uncertainty, (b) with uncertainty.

                               (a)                                                                   (b) 

                                   (a)                                                                  (b) 

                                 (a)                                                                   (b) 

                               (a)                                                                   (b) 

                               (a)                                                                   (b) 

                                  (a)                                                                   (b) 

                                  (a)                                                                   (b) 

                                 (a)                                                                   (b) 

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

Time (s)

A
ng

ul
ar

 sp
ee

d 
tra

ck
in

g 
(ra

d/
s)

Co
nt

ro
l i

np
ut

 v
ol

tag
e (

V
)

A
ng

ul
ar

 sp
ee

d 
es

tim
ati

on
 (r

ad
/s)

A
ng

ul
ar

 sp
ee

d 
es

tim
ati

on
 er

ro
r (

ra
d/

s)
Co

nt
ro

l i
np

ut
 v

ol
tag

e (
V

)
A

ng
ul

ar
 sp

ee
d 

tra
ck

in
g 

(ra
d/

s)

A
ng

ul
ar

 sp
ee

d 
re

gu
la

tio
n 

(ra
d/

s)

A
ng

ul
ar

 sp
ee

d r
eg

ul
ati

on
 er

ro
r (

ra
d/

s)

A
ng

ul
ar

 sp
ee

d r
eg

ul
ati

on
 er

ro
r (

ra
d/

s)
A

ng
ul

ar
 sp

ee
d r

eg
ul

ati
on

 er
ro

r (
ra

d/
s)

A
ng

ul
ar

 sp
ee

d r
eg

ul
ati

on
 er

ro
r (

ra
d/

s)

Co
nt

ro
l i

np
ut

 v
ol

ta
ge

 (V
)

Co
nt

ro
l i

np
ut

 v
ol

ta
ge

 (V
)

Co
nt

ro
l i

np
ut

 v
ol

tag
e (

V
)

Co
nt

ro
l i

np
ut

 v
ol

tag
e (

V
)

A
ng

ul
ar

 sp
ee

d r
eg

ul
ati

on
 er

ro
r (

ra
d/

s)

S. SINGH et al.: STATE AND DISTURBANCE ESTIMATOR BASED FEEDBACK CONTROLLER SYNTHESIS FOR HYBRID ELECTRIC VEHICLE



348 CPSS TRANSACTIONS ON POWER ELECTRONICS AND APPLICATIONS, VOL. 10, NO. 3, SEPTEMBER 2025

TABLE I
Error Response Analysis of SUE

TABLE II
Error Response Analysis of SUE Based OFC

Lyapunov theory for obtaining the optimal gains of estimator/
controller, (v) simulation study for performance outcome as 
well as comparative evaluation for both linearized/nonlinear 
model. The results obtained with the proposed scheme are re-
sulted in good convergence of states in terms of estimation and 
regulation, bounded control input under the consideration of 
a wide range of uncertainty. The proposed work in this paper 
can further extended for the tracking problem by considering 
the standard NEDC drive cycle test with nonlinear control 
schemes. This addition emphasizes our intent to validate the 
proposed control scheme under practical conditions in future 
work. However, the current study is limited to simulation-based 
validation. No experimental or hardware-in-the-loop testing 
has been conducted. Future work will focus on real-time im-
plementation and experimental validation using an HEV test 
platform to assess practical feasibility and controller robustness 
under real-world conditions.

Appendix
All the physical parameters of the HEV system are defined 

in Table 3 with their physical values.
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TABLE III
HEV System Parameters [28]

Parameters Symbols Values Parameters Symbols Values

Mass of the vehicle m 800 kg The inertia of motor J 0.05 kg·m2

Rolling resistance coefficient μrr 0.015 Angular speed of motor ω 2800 rad/min

Air density ρ 1.25 kg/m3 Winding inductance Lfield Lfield+La = 6.008 mH
Drag coefficient Cd 0.3 Armature inductance La

Frontal area of vehicle A 1.8 m2 Armature/field current i 78 A

Driving velocity of vehicle v 25 km/h Armature resistance Ra Ra + Rf = 0.12 Ω
Gravity acceleration g 9.8 m/s2 Field winding resistance Rf

Hill climbing angle φ 0 Viscous coefficient B 0.0002 N/(m/s)

Tyre radius r 0.25 m Mutual inductance betn armature & field winding Laf
1.766 mH

Gearing ratio G 11 Control input voltage V 0 V ‒ 48 V
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